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Résumé 0.1 INTRODUCTION GÉNÉRALE

Dans les moyens de transport collectif tels que les trains et les avions, les besoins en connexions à un service Internet à large bande sont croissants et potentiellement très importants. La variété des services offerts est en croissance permanente et les applications développées nécessitent des débits de plus en plus élevés. En conséquence, la bande passante nécessaire pour permettre à ces services de fonctionner correctement augmente très rapidement. Il est donc essentiel de fournir aux utilisateurs des ressources suffisantes et d'assurer une connectivité permanente, même à bord des véhicules à grande vitesse.

Afin de satisfaire ce besoin, plusieurs architectures ont été proposées. Elles sont basées sur des liaisons par satellite ou sur les infrastructures des réseaux cellulaires, ou même sur une combinaison des deux. L'utilisation des technologies d'accès au réseau local (LAN) pour partager une connexion à large bande entre plusieurs dispositifs à l'intérieur d'un véhicule à haute vitesse est également fréquente.

L'accès par satellite offre des avantages significatifs par rapport aux solutions basées sur des réseaux cellulaires telles que la couverture mondiale et la possibilité d'établir des communications à grande vitesse en évitant le déploiement d'infrastructures complexes. Les principaux inconvénients peuvent être le coût des terminaux et le retard subi par le signal en raison de la distance terre-satellite. Néanmoins, ces inconvénients perdent progressivement de l'importance en raison des développements permanents sur les équipements et les réseaux conçus pour fonctionner dans le service mobile par satellite (SMS).

La figure 1 illustre certains scénarios typiques où l'accès Internet est fourni en utilisant des liaisons par satellite. Chaque véhicule est équipé d'une antenne à gain élevé qui pointe en permanence vers le satellite quelle que soit la position du véhicule ou sa vitesse.

Afin de rendre cette architecture attrayante pour les marchés de masse, l'antenne ne doit pas seulement satisfaire les performances techniques requises mais doit aussi être compacte 1 pour faciliter son intégration et ses coûts de fabrication doivent être aussi faibles que possible. Actuellement, il n'existe pas de solution commerciale répondant à ces trois critères.

Le projet AMORCE (Antenne MObile Emission Réception Compacte pour liaison satellitE), financé par l'ANR (Agence Nationale de la Recherche), vise à fournir une solution à ce besoin. L'objectif principal du projet est de concevoir et de mettre en oeuvre une antenne à gain élevé afin de garantir le suivi par satellite en bande Ku. Etant donné que les véhicules sur lesquels il est prévu de monter l'antenne sont, en principe, les trains à grande vitesse, la hauteur totale de la structure ne doit pas dépasser quelques centimètres; ceci rend possible l'intégration sur les trains à deux niveaux sans se soucier des tunnels et autres infrastructures ferroviaires.
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Liaison du système satellitaire étudiée Cinq partenaires participent au projet AMORCE, y compris Télécom Bretagne (Lab-STICC). Le Lab-STICC est en charge de la conception et de l'intégration du système de distribution et d'amplification de puissance, qui est le principal objectif des travaux présentés dans ce document. En ce qui concerne le reste des partenaires, la conception des éléments rayonnants est en charge de l'IETR (Institut d'Electronique et de Télécommunications de Rennes); la plate-forme mécanique sera mise en oeuvre par la société IX-BLUE (Paris); la validation de l'antenne et les tests sont en charge de Thales Alenia Space (Toulouse); l'étude de marché et la communication sont assurées par la société IBP (Toulouse).

Le document est organisé comme suit. Le Chapitre 1 présente les généralités des antennes à balayage et donne un aperçu sur les sous-systèmes qui les composent, en mettant l'accent sur les applications de communications par satellite. Un état de l'art sur ce type d'antennes est également fourni.

Dans le Chapitre 2, les spécifications de l'antenne sont définies en fonction de la performance attendue et compte tenu des contraintes réglementaires. A partir de ce cahier de charges, l'architecture de l'antenne est définie d'une manière générale. Des choix technologiques et architecturaux sont faits pour la conception des éléments rayonnants et du réseau d'alimentation de l'antenne.

La définition générale de la partie rayonnante et du réseau d'alimentation est décrite dans le Chapitre 3 où les concepts théoriques deviennent des circuits spécifiques conçus, mis en oeuvre et analysés afin de valider leurs performances et la faisabilité de leur intégration dans le système antennaire. Ce chapitre présente également un prototype passif à gain réduit à quatre couches de métallisation mis en oeuvre pour valider le principe de fonctionnement et les moyens de fabrication. La fin de ce chapitre traite la conception du réseau d'alimentation pour le prototype d'antenne final.

Le Chapitre 4 développe et valide individuellement des fonctionnalités supplémentaires de l'antenne et présente leur méthode d'intégration dans le prototype passif présenté dans le chapitre 3. Ces fonctionnalités comprennent le dépointage du faisceau et le sous-système d'amplification de puissance. Enfin, une analyse sur l'impact des défaillances des composants actifs sur la performance globale de l'antenne est présentée.

OBJECTIFS DE LA THÈSE

Comme mentionné dans l'introduction générale, cette thèse est réalisée dans le cadre du projet AMORCE, financé par le programme ANR VERSO. L'objectif principal du projet est de concevoir et mettre en oeuvre une nouvelle antenne en mesure de répondre à trois exigences essentielles pour des applications mobiles par satellite.

L'antenne doit être suffisamment compacte pour être installée sur un train à deux étages, la hauteur totale est donc limitée à 3 cm. Afin de réduire les coûts de production, il est nécessaire de privilégier l'utilisation de composants RF à faible coût et des procédures de fabrication standard. Enfin, l'antenne d'émission doit garantir une liaison montante avec un débit minimum de 1 Mbps dans la bande Ku.

Le premier objectif de cette thèse est de concevoir et réaliser le système de distribution de puissance ainsi que le réseau de formation de faisceaux pour l'antenne, en prenant en compte les contraintes mentionnées précédemment. La compatibilité et la simplicité d'intégration entre le réseau d'alimentation et les éléments rayonnants doivent être assurées. L'étude et la réalisation d'un système d'amplification de puissance pour l'antenne font partie du deuxième objectif de cette thèse. L'intégration d'amplificateurs de puissance conduit à des problématiques de gestion thermique qui doivent être résolues pour limiter l'impact de la chaleur sur la performance de l'antenne.

Enfin, le troisième objectif des travaux présentés dans ce document est d'évaluer l'impact des défaillances des amplificateurs de puissance sur la performance globale du système. Un tel impact et la manière de le traiter dépendent de l'architecture générale de l'antenne et des caractéristiques particulières des sous-systèmes de distribution d'amplification de puissance.

CHAPITRE 1 : ANTENNES À BALAYAGE POUR LES COM-

MUNICATIONS PAR SATELLITE

Ce chapitre présente une introduction au concept des réseaux phasés, aux sous-systèmes qui les composent et aux applications les plus répandues de ce type de structures.

Les différentes architectures, les éléments rayonnants et les réseaux d'alimentation les plus utilisés dans ce type d'antennes sont décrits, en se concentrant sur les besoins liés aux communications par satellite. Les avantages et les inconvénients des différentes architectures, sous-systèmes et composants sont également signalés. De même, un aperçu sur les techniques utilisées pour le suivi du satellite et une description générale des composants RF couramment utilisés dans les antennes à balayage sont fournis.

Le tableau 1.1 présente un résumé des caractéristiques des antennes conçues pour fonctionner avec des stations terriennes en mouvement, ce qui permet d'obtenir une image claire sur les architectures et les technologies couramment utilisées dans ce type d'applications. Il décrit brièvement les caractéristiques des éléments rayonnants, du réseau d'alimentation, le gain, la puissance rayonnée et la technique de suivi du satellite pour chaque antenne. Même si les applications et les contraintes sont différentes pour les applications répertoriées, l'étude de chaque antenne a permis l'extraction d'informations utiles qui ont été utilisées pour analyser, par exemple, l'applicabilité des choix faits sur les différents sous-systèmes des structures étudiées.

Le résultat de cette étude et les contraintes particulières imposées à cette application rendent incontournable l'utilisation des technologies planaires, telles que les technologies micro-ruban et SIW (Substrate Integrated Waveguide), en utilisant des procédés de fabrication de type PCB standard. D'autres solutions telles que les panneaux obliques ont été rejetées pour des raisons d'encombrement, et des contraintes mécaniques supplémentaires.

CHAPITRE 2 : ANTENNE DE TRANSMISSION À PROFIL FIN EN BANDE KU

Les spécifications générales du système sont définies dans la première partie de ce chapitre. A partir de ces spécifications et en tenant compte des contraintes imposées, des performances attendues de la liaison satellite (montante) et des contraintes réglementaires imposées aux stations terriennes, le cahier des charges spécifique est déduit en termes de gain maximal, niveau des lobes latéraux et densité de puissance en entrée.

Une fois le cahier de charges défini, il a été possible de faire des choix particuliers liés aux différents sous-systèmes. En ce qui concerne les éléments rayonnants, le choix de guides SIW a été fait en considérant les hauts niveaux de gain et d'efficacité qui peuvent être obtenus avec ces éléments, ainsi que la possibilité de les mettre en oeuvre en utilisant une technologie planaire simple.

Dans la deuxième partie de ce chapitre, l'architecture de l'antenne est définie en utilisant une approche générale. Ensuite, les choix faits sur les différents sous-systèmes et composants sont exposés progressivement. Compte tenu de la définition de la partie rayonnante, deux réseaux d'alimentation différents ont été identifiés pour alimenter les éléments rayonnants, un dans le plan E et l'autre dans le plan H. Forma+on"faisceau"(φ)" 
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Même si ce chapitre traite des aspects généraux du système, la plus grande partie du travail porte sur l'étude du réseau d'alimentation. Des expressions mathématiques ont été déduites pour la conception des réseaux d'alimentation et pour l'évaluation des pertes de transmission liées aux différentes architectures (série, parallèle et hybride). De plus, des simulations électriques et électromagnétiques préliminaires ont été effectuées pour valider les performances des réseaux d'alimentation utilisant des lignes microruban (MS) et des guides SIW. Suite à ces analyses l'architecture en arbre (ou corporate) a été choisie pour l'implémentation des diviseurs, dans le plan E et dans le plan H. En ce qui concerne la technologie, deux choix différents ont été faits ; des diviseurs Wilkinson microruban ont été retenus pour le réseau d'alimentation dans le plan E alors que des guides SIW sont plus adaptés pour la mise en oeuvre du diviseur de puissance dans le plan H. L'analyse et les choix faits sur ce sous-système sont cruciaux car ils déterminent en grande partie la conception et la réalisation des prototypes d'antenne décrits dans les chapitres suivants.

RÉSUMÉ

Ainsi, l'architecture et la technologie de la partie rayonnante et du réseau d'alimentation sont définies, en considérant également les contraintes de fabrication des moyens disponibles pour le projet.

Des informations complémentaires concernant la division de puissance non uniforme en utilisant la technologie SIW (Substrate Integrated Waveguides) peuvent être trouvées dans l'annexe A.

CHAPITRE 3 : PROTOTYPES PASSIFS

Les choix architecturaux et technologiques exposés dans le chapitre 2 prennent forme dans le chapitre 3 par l'intermédiaire de plusieurs implémentations allant notamment des composants du sous-système à un prototype d'antenne passive.

Ces implémentations ont permis de valider et, parfois, de modifier les procédures de conception, de fabrication et de mesure pour obtenir les performances requises. De même, les résultats obtenus avec plusieurs outils de conception assistée par ordinateur ont été comparés avec les mesures pour en déduire les outils les plus adaptés aux systèmes étudiés.

Étant donné que la conception du réseau d'alimentation dépend fortement de la partie rayonnante, les détails sur sa géométrie sont donnés dans le chapitre 3. Pour valider les caractéristiques du substrat retenu, nécessaires pour effectuer des simulations électromagnétiques, des caractérisations de matériaux ont été réalisées afin d'extraire la permittivité, par le biais des trois méthodes différentes, y compris une qui utilise des guides SIW.

Compte tenu de la grande complexité de l'antenne permettant de satisfaire les spécifications, les membres du consortium ont convenu de mettre en oeuvre un démonstrateur preuve-deconcept simplifié afin de valider partiellement différentes fonctionnalités de l'antenne.

Le premier prototype d'antenne, désigné ci-après en tant que prototype intermédiaire, est de taille et donc de gain réduits, passif et à faisceau non-dépointable, mais conçu avec une architecture qui peut être transposée à l'antenne finale à gain élevé. Ce démonstrateur a été fabriqué pour vérifier les résultats attendus en ce qui concerne le diagramme de rayonnement et l'adaptation en entrée lorsque les différents sous-systèmes, validés individuellement, sont assemblés dans une structure multi-couche. Afin d'obtenir le diagramme de rayonnement attendu de ce prototype, une distribution de puissance non-uniforme n'a été nécessaire que dans le plan E.

Le schema de la brique de base utilisée pour la division de puissance dans le plan E, c'est-àdire le diviseur Wilkinson 1 vers 2, a été affiné en comparant les performances des différentes structures microruban et en utilisant plusieurs outils de simulation. Après la simulation du diviseur entier nécessaire pour obtenir la loi de pondération recherchée, il a été observé que des améliorations étaient nécessaires dans le bloc fondamental, en particulier pour obtenir une isolation suffisante entre les sorties et ainsi améliorer les niveaux d'adaptation en entrée et en sortie.

Deux technologies différentes ont été utilisées pour réaliser les résistances d'isolation, à savoir des résistances montées en surface (SMD) et la technologie planaire (PRT) utilisant une couche résistive. La performance des diviseurs réalisés avec les deux technologies ont été comparés et aucune différence significative n'a été identifiée. En outre, ces différentes implémentations ont permis d'identifier la méthode et l'outil de simulation le plus adaptés à cette configuration. En utilisant les performances mesurées du diviseur plan E, des simulations ont été réalisées pour obtenir le niveau d'adaptation en entrée ainsi que le diagramme de rayonnement de l'antenne. Des simulations électromagnétiques ont également été utilisées pour trouver des configurations permettant de limiter l'influence de l'énergie rayonnée par le diviseur microruban sur les performances de l'antenne (lobes secondaires). L'étape suivante consistait à valider la séquence de fabrication pour réaliser le prototype composé de trois substrats et quatre couches de métallisation.

RÉSUMÉ

Le diagramme de rayonnement mesuré de ce prototype intermédiaire était en bon accord avec celui attendu. D'autre part, une différence de l'ordre de 5 dB a été observée entre le coefficient de réflexion en entrée mesuré et celui simulé ; une réalisation postérieure a permis de préciser que cette différence était très susceptible d'être introduite par le décalage entre la première et la deuxième couche de l'empilement.

La dernière section du troisième chapitre aborde la conception du système de distribution de puissance de l'antenne à gain élevé. Une conception hybride MS-SIW est proposée pour mettre en oeuvre le diviseur 1 vers 32. En ce qui concerne le diviseur plan H à quatre voies, une apodisation est également nécessaire pour obtenir le diagramme de rayonnement désiré. Ce diviseur est basé sur des transitions inter-substrat utilisées dans le prototype intermédiaire, mais cette fois-ci chargées avec un trou métallisé (via), dont la position et la géométrie déterminent le rapport de division de puissance. Un prototype passif à gain élevé est toujours en cours de fabrication lors de la rédaction de ce document.

L'intégration à l'antenne des fonctionnalités de dépointage du faisceau et d'amplification de puissance est présentée dans le chapitre 4.

CHAPITRE 4 : DÉPOINTAGE DU FAISCEAU ET AMPLIFI-

CATION DE PUISSANCE

La densité de puissance isotrope rayonnée équivalente (P.I.R.E.) de l'antenne nécessaire pour atteindre le débit de la liaison Terre-vers-espace spécifié, est calculé dans le chapitre 2; cependant, pour réduire la complexité du premier démonstrateur, aucun amplificateur de puissance n'a été intégré au prototype intermédiaire décrit dans le chapitre précédent. Pour les mêmes raisons, le réseau de formation de faisceau (BFN) permettant de pointer le faisceau dans le plan d'élévation n'a pas non plus été inclus .

Dans ce chapitre, une architecture simple est proposée pour intégrer aux prototypes d'antennes passives le réseau de formation de faisceau et le sous-système d'amplification de puissance réparti. Cette intégration considère à la fois le prototype intermédiaire à gain réduit (antenne à 16 voies) et l'antenne à gain élevé (antenne à 32 voies).

Les circuits nécessaires pour effectuer le dépointage de faisceau et l'amplification de puissance imposent des contraintes majeures pour ce type d'antenne. En effet, l'électronique représente un pourcentage important du coût total du système et la nécessité d'une conception sur mesure dans la plupart des cas, augmente significativement les coûts. En conséquence, les caractéristiques des déphaseurs et des amplificateurs de puissance disponibles dans le commerce (année 2012) sont examinées. Deux amplificateurs de puissance et un déphaseur ont été caractérisés en utilisant des cartes de test spécialement conçues à cet effet. Ces composants ont été sélectionnés selon plusieurs critères qui les rendent compatibles avec cette application. Dans les deux cas, les amplificateurs et le déphaseur à faible coût, sont disponibles dans un boîtier plastique du type QFN. Des améliorations graduelles ont été apportées à ces cartes pour atteindre les performances annoncées par les fabricants des composants, tout en respectant les restrictions d'encombrement permettant d'accueillir les dispositifs et leurs circuits de polarisation dans la surface disponible dans l'antenne active.

La fonction d'orientation du faisceau est validée par une mise en oeuvre intégrant les déphaseurs sélectionnés dans le réseau de distribution de puissance conçu dans le chapitre 3 pour le prototype à gain réduit. Les paramètres S ont été mesurés dans les conditions permettant de pointer le faisceau vers plusieurs angles d'élévation. Afin de valider le bon fonctionnement de ce sous-système, les mesures ont été utilisées conjointement avec l'algorithme conçu pour simuler le diagramme de rayonnement. Après cette validation, le réseau de formation de faisceau a été intégré à la partie rayonnante cela a donc permis la fabrication d'un second prototype dépointable pour des angles d'élévation entre 20 • et 60 • . La fonctionnalité de formation de faisceau a été validée par des mesures du diagramme de rayonnement du prototype fabriqué. 
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Sous-sytème de dissipation de puissance pour le prototipe actif

CONCLUSION GÉNÉRALE ET PERSPECTIVES

Les travaux présentés dans ce document ont été orientés pour atteindre trois objectifs principaux. Le premier était de développer un réseau de distribution de puissance pour alimenter les éléments rayonnants d'une antenne de type SIW (guides d'ondes intégrés sur substrat). Cette conception initiale a été modifiée afin d'intégrer la fonctionnalité permettant le dépointage du faisceau dans le plan d'élévation. Ce premier objectif a été accompli par la mise en oeuvre de prototypes passifs à travers lequel les procédures de conception et de fabrication ont été validées.

Le deuxième objectif de cette thèse était d'intégrer des fonctions d'amplification de puissance au réseau d'alimentation préalablement conçu. En général, l'intégration d'amplificateurs de puissance conduit à des problèmes de gestion thermique qui peuvent compromettre la performance globale du système. Pour gérer cette problématique, une solution qui prend en compte les contraintes imposées à cette application est proposée.

Le dernier objectif majeur de cette thèse était de développer un outil pour l'analyse automatique des cas de défaillance du système d'amplification de puissance. Ces cas de défaillance incluent la panne d'un ou de plusieurs amplificateurs de puissance.

En ce qui concerne les perspectives, il est important de souligner que les difficultés rencontrées tout au long du développement de ces travaux ont permis de considérer plusieurs possibilités pour améliorer les prototypes d'antenne réalisés dans le cadre de ce projet. Ces possibilités sont de natures différentes et certaines ne peuvent être considérées que dans le long terme.

Les contraintes de fabrication telles que la taille maximale du panneau ou de l'absence d'expertise pour gérer différents types de substrats sont des difficultés qui peuvent être surmontées dans un court terme. De cette façon, une plus grande flexibilité peut être donnée à la conception de l'antenne, ce qui permettrait d'obtenir un gain plus élevé et moins de pertes diélectriques. 

General Introduction

Nowadays, the need of permanent Internet connectivity has become essential for a large number of users requiring access to a wide range of applications. Besides, the variety of services offered to mass markets is permanently growing and the applications developed require pregresively higher data rate transfers. In consequence, the bandwidth necessary to allow these services to work properly increases extremely rapidly. Then, it is crucial to provide the users with enough bandwidth resources and to secure permanent connectivity, even on board high-speed vehicles.

In order to satisfy this necessity, several architectures have been proposed. They are based on satellite links, on cellular networks infrastructures, or on a mix of both. Local access network technologies are frequently used to share the wideband connection among several devices within the same vehicle.

The satellite access offers significant advantages over the solutions based on cellular networks such as worldwide coverage and the possibility to establish high-speed communications avoiding the deployment of complex infrastructures. The main drawbacks may be the cost of the terminals and the delay experienced by the signal due to the distance from earth-to-space and from space-to-earth. Nevertheless, these drawbacks gradually lose importance due to the great developments that are going on equipment and networks designed to operate in the mobile satellite service (MSS).

The Fig. 1 illustrates some typical scenarios where Internet access is provided by using satellite links. Each vehicle is equipped with a high gain antenna that is permanently pointing towards the satellite, irrespective of the vehicle position or speed.

In order to make such architecture attractive for mass markets, the antenna should not only satisfy the required technical performances but also should be compact to facilitate the integration and its fabrication costs should be as low as possible. Currently, there is no commercial solution satisfying these three criteria.

The AMORCE (Antenne MObile Emission Réception Compacte pour liaison satellitE) project, founded by the ANR (Agence Nationale de Recherche), aims to provide a solution to this 13 Figure 1: Mobile and fixed satellite services scenarios need. Indeed, the project main objective is to design and implement a high-gain antenna able to guarantee satellite tracking in Ku-band. Since the privileged vehicles for the antenna to be mounted are the high-speed trains, the whole structure height should not exceed a few centimeters; this makes possible to integrate the antennas on double deck trains without worrying about tunnels and other rail infrastructures.

There are five institutions participating in the AMORCE project, including Telecom Bretagne (Lab-STICC). The Lab-STICC is in charge of the design and integration of the power distribution and amplification system, which is the main objective of the work presented in this document. Regarding the rest of the partners, the design of the radiating elements is in charge of IETR (Institut d'Electronique et de Télécommunications de Rennes); the mechanical platform will be implemented by the company IX-BLUE (Paris); the antenna validation and tests are in charge of Thales Alenia Space (Toulouse); the market research and communication is ensured by the society IBP (Toulouse).

The rest of the document is organized as follows. Chapter 1 presents the generalities of phased array antennas and provides an insight on its subsystems, emphasizing on satellite communications applications. A state of the art on this type of antennas is also summarized.

In Chapter 2, the required antenna specifications are defined according to the expected performance and considering certain regulatory constraints. According to such definition, the antenna architecture is defined in a general way. Technological and architectural choices are made on the radiating elements and on the feed network.

The general definition of the antenna radiating aperture and feed network takes shape in Chapter 3. The theoretical concepts become specific circuits desgined, implemented and analyzed in order to validate their performance and the feasibility of integration in the antenna.

A four-metal-layer passive antenna prototype with reduced gain is implemented to validate the principle of working and the fabrication means. In addition, the feed network design for the final antenna prototype is provided.

In Chapter 4, additional capabilities are individually validated and it is explained how they are integrated into the passive prototype exposed in Chapter 3. Such capabilities include the beam-steering function and the power amplification subsystem. Finally, an analysis on the impact of the active component failures on the overall antenna performance is presented.

Chapter 1

Phased array antennas for satellite communications

INTRODUCTION TO PHASED ARRAYS

Phased array antennas are composed of multiple antenna elements fed with a variable phase to electronically scan a beam in space. Shaping the radiation pattern is possible by using a variable amplitude to feed the radiating elements. Initially, phased array antennas were widely used for military applications, as illustrated in Fig. 1.1; however, they rapidly became very interesting to provide new or improved commercial services. Mobile telecommunications through satellite links is one of them. A variety of services in mobile environments (cars, trains, airplanes) are being designed for broad audiences using satellite communications. These services include general or customized broadcasting and broadband Internet access. The success of these services largely depends on the user terminals, and therefore, on the antenna used. The antenna should fulfill at least three basic requirements for these on-the-move applications: low cost production, compactness for easy integration and high performance to allow the system to achieve high data rates.

The antenna systems available on the market do not completely fulfill such requirements; in consequence, various studies to meet these needs have been carried out during the past few years (9; 10; 11; 12; 13; 14; 15). The outcome of these studies is a wide variety of antenna system architectures, most of them designed to fulfill the needs of particular applications or services.

Phased arrays are made up of several subsystems and the way to implement each of them depends on the specifications and constraints of the targeted application. The next section deals with the architecture and subsystems of phased arrays for mobile satellite communications.

PHASED ARRAY ANTENNAS FOR SATELLITE COMMUNI-

CATIONS

ARRAY ARCHITECTURES

The choice of the array architecture depends on the specific way to assemble, mount and group the antenna elements to fulfill the array requirements. Such requirements may be related to the antenna geometry, performance, fabrication cost and assembly process. Particular architectures favor some of these requirements as detailed in the following section. In Fig. 1.2a, an array of printed circuit dipoles in a brick arrangement is shown. In this architecture, several transmit/receive modules including the radiating elements may be integrated into a row (or column) making up the basic building block. Then, each of these blocks is inserted into a support perpendicular to the aperture plane. In this type of assembly, the depth dimension is used to arrange several components such as the power divider feed, the radiating elements, the phase shifters, the power amplifiers and any other device to provide maintenance and cooling functions. The main advantages of the brick architecture are the simplicity of the interconnections and the possibility of using a variety of radiating elements such as horizontal dipoles and flared-notch antennas. However, the brick type is not a low profile assembly, it is difficult to integrate when space is limited or when conformed arrays are required.

BRICK AND TILE ARCHITECTURES

Figure 1.2b illustrates the tile architecture. The basic building block is a tile in which the antenna elements, the power distribution, the amplification and the control functions occur in parallel layers. The main advantage of this architecture is the high integration degree achievable, making it suitable for high frequency implementations where inter-element distance becomes highly restrictive. Besides, dual-polarization phased arrays are easily derived using this architecture. Electromagnetically coupled microstrip patches and dipoles are typically used. As a consequence of the degree of integration achievable in tile assemblies, the thermal management has to be addressed more carefully than in brick architectures.

ARRAY ELEMENTS

Some of the former choices on the antenna array design are the aperture characteristics. It is conditioned by the required antenna gain, grating lobe level, main beam direction and also size and weight constraints. The antenna aperture is composed of individual radiating elements arranged in one or two dimensions to make up the array. The following sections describe the most commonly used radiating elements in phased arrays.

REFLECTORS

Parabolic reflector antennas are the most common kind of antennas used for satellite communications. However, their size, weight and cost make them inconvenient for mobile applications. The reflect array is an alternative to the parabolic reflectors; they can be implemented using conventional PCB process resulting in flat and light structures. The principle of operation is similar to that of the parabolic reflectors. A feed antenna illuminates the flat array whose elements are designed in such a way that the incident field is scattered to form a planar phase surface. The most common applications utilize microstrip elements (patches, dipoles) for which the position or size may be modified to induce the different reflection phases [START_REF] Huang | Reflectarray Antennas[END_REF]. Some highperformance implementations include active circuitry to induce variable phase reflection on each microstrip element [START_REF] Dumon | A novel reflectarray for smart x-band satellite antenna[END_REF].

In spite of the size reduction achieved by flat reflectors, the feed antenna is still placed over the reflector plane and the total height is significant even for folded versions.

MICROSTRIP ELEMENTS

The ease of manufacturing, low profile and low cost are the main reasons for the widespread use of microstrip radiating elements in phased arrays. In spite of their limited performance when compared to other types of radiating elements, patches are the most common array antenna elements. They are easily designed using arbitrary forms and can be fed by using strip lines or can be slot-coupled in multi-layer applications. On the other hand, their rather low efficiency complicates the already stringent satellite communications requirements in terms of radiation pattern.

Maintaining the antenna gain over wide ranges of elevation angles is a challenging task and achieving it with patches as radiating elements is very difficult. A way to solve this problem is using slant panels to mechanically point towards the satellite (18; 19) as illustrated in Fig. 1.3. The inclination angle may be fixed at the middle of the total range as in [START_REF] Tiezzi | Hybrid phased array antenna for mobile KU-band DVB-S services[END_REF] for relaxing the design requirements. An alternative to this is using panels with different inclination angles as in [START_REF] Krauss | Low-profile ka-band satellite terminal antenna based on a dual-band partially reflective surface[END_REF] to cover the whole elevation range.

High-gain and totally flat arrays using microstrip patches for wide elevation ranges are also feasible but they require highly complex beam-forming networks as in [START_REF] Vaccaro | Ku-band low-profile rx-only and tx-rx antennas for mobile satellite communications[END_REF].

Projet ANR Verso 2010 « Amorce » Eleva'on sub--arrays Regarding the area occupied by the aperture, it is important to note that it not only depends on the inter-element spacing but also on whether the antenna is used for transmission, reception or for both. Most of the implementations performing both functions, utilize two separate panels. However, in [START_REF] Vaccaro | Ku-band low-profile rx-only and tx-rx antennas for mobile satellite communications[END_REF], the design of T-shaped patches as shown in Fig. 1.4a made it possible to utilize the same aperture for both functions. The patches, arranged in opposed direction, are fed through two orthogonal feed slots to produce linearly polarized V and H radiated E-fields.

Another example of microstrip patches, illustrated in Fig. 1.4b, is part of a Ku-band antenna used for mobile satellite reception [START_REF] Mousavi | A low-cost ultra low profile phased array system for mobile satellite reception using zero-knowledge beamforming algorithm[END_REF]. In regard to the inter-element spacing, this can be chosen to meet different criteria. For instance, the gain can be maximized by choosing a half wavelength distance; a more important spacing is convenient if inter-element coupling needs to be reduced up to the limit of the grating lobes onset. It is also possible that the feed network to be used imposes constraints such as the number of elements or even the inter-element distance required to obtain a particular beam direction.

SLOT WAVEGUIDES

The slot waveguides have been widely used in phased arrays, especially for one-dimensional scanning applications. High gain and and efficiency levels as high as 70% for a 30 dBi antenna may be achieved (22; 23; 24; 25). Slot arrays may be resonant or traveling-wave, they are terminated in short circuits and in matched loads respectively. The main difference between them is the pointing angle direction, which is off-broadside and frequency-dependant for the traveling wave type. The bandwidth operation is also broader for the traveling-wave type.

The various possibilities of slot configuration provide this type of array with high flexibility. Figure 1.5 presents three of the most used configurations: slot waveguide arrays with edge slots, displaced longitudinal slots and inclined series slots [START_REF] Mailloux | Phased Array Antenna Handbook, Second Edition (Artech House Antennas and Propagation Library)[END_REF]. Thanks to this variety of possibilities, the pattern control achievable with this type of element is outstanding and extremely low sidelobe levels can be attained.

An additional and valuable advantage of slotted waveguides is the possibility of being implemented as substrate integrated waveguides (SIW). The SIW are waveguides that may be synthesized in planar substrates by using metallic posts to construct the lateral walls [START_REF] Hirokawa | Single-layer feed waveguide consisting of posts for plane TEM wave excitation in parallel plates[END_REF]. In this way, the slotted waveguides can be fabricated by using a conventional and low cost PCB process. State of the art mobile satellite applications, such as the Ku-band Tx/Rx antenna in [START_REF] Gatti | Flat array antenna for ku-band mobile satellite terminals[END_REF], have identified SIW slot waveguides as the most suitable technology for flat array antenna realizations. More details on SIW are provided in section 1.3.

FEED NETWORKS

The choice on the aperture characteristics dictates the means to excite and group the radiating elements. The feed network is used to couple the energy to the elements in a controlled way allowing to distribute the power as required. Certain configurations are adapted to the cases in which power distribution tapers exist; some others are suitable when the elements are uniformly excited. This section describes the most relevant feed systems used in phased arrays.

POWER DIVIDERS

The basic building blocks for most of the antenna array power distribution systems are the three-port and four-port power splitters. Only the spatially-fed arrays do not use these devices within their feed networks. T-junction One of the most used three-port networks is the T-junction. It can take the form of E-plane or H-plane T when implemented using waveguides but it can also take planar forms like in microstrip or stripline circuits. T-junctions are commonly used for equal power division but, properly selecting the output line impedances, it is possible to obtain different power division ratios. Impedance matching should be ensured at the input port, which can be achieved by geometrical variations of the structure nearby the line bifurcation. Such variations strongly depend on the technology used.

Three-port power dividers

The most relevant issue with T-junctions is the limited isolation between the output ports. If they are not perfectly matched, a fraction of the power is reflected to the input and another part is coupled to the other output port.

Wilkinson divider By applying the properties of the scattering matrix to a three-port network, it is possible to show that a lossy three-port network can be designed having all ports matched and having the output ports isolated (28). Because a resistive element is required to achieve the isolation between the output ports, this structure is usually implemented in planar circuits. The design equations are summarized as follows:

Z 3 = Z 1 + K 2 K 3 Z 2 = Z K(1 + K 2 ) R = Z K + 1 K (1.1)
Four-port power dividers Directional couplers and hybrids are the most frequently used four-port networks for power division purposes. In general, hybrids are used for equal power division and directional couplers when arbitrary split power ratios are required.

Hybrid

In Fig. 1.7 a 90 • and a 180 • hybrids are presented. Naming the four terminals as input, through, coupled and isolated ports became a convention for hybrids and directional couplers. Ideally, the power applied to the input port is divided between the through (port 2) and coupled (port 3) ports; no power is coupled to the isolated port (port 4). However, in practice, a small fraction of the power is coupled to it and a resistive termination should be connected to port 4. The quadrature and the 180 • hybrids are named in this way because there is a phase shift of 90 • and 180 • between the signals coupled to ports 2 and 3.

The 90 • hybrid, illustrated in Fig. 1.7a is also known as branch-line hybrid. It is mostly implemented in planar form by using striplines or microstrip lines. Unequal power division ratios can be achieved by using the following equations:

b 2 -c 2 = 1; matched condition Z b Z = 1 b ; Z c Z = 1 c
; normalized impedances P 3 P 2 = c 2 ; power divider ratio

P 3 P 1 = c b 2 ; P 2 P 1 = 1 b 2 ;
P 4 P = 0 (at resonance); power ratios (

where power P 1 , P 2 , P 3 and P 4 are respectively referred to ports 1, 2, 3 and 4 in Fig. 1.7a.

Regarding the 180 • hybrids, they can also be designed so that the through and coupled ports are in phase. This hybrid can take various forms such as the magic-T, when it is implemented with waveguides, or the ring hybrid, presented in Fig. 1.7b. Details on the ring hybrid, also known as the rat-race, can be found in [START_REF] Hall | Handbook of Microstrip Antennas[END_REF].

Due to the quarter-wave length requirements of the power splitters previously described, their bandwidth is not wider than about 20%; however, it can be increased by using multiple cascaded sections [START_REF] Pozar | Microwave Engineering[END_REF].

Coupled Line Couplers These couplers take advantage of the interaction between the electromagnetic fields flowing through two unshielded transmission lines in close proximity. In most of the implementations, three conductors are used, including the ground plane, and the propagation mode is supposed to be TEM. With this assumption, the coupler design can be derived from the line propagation velocities and the effective capacitances between the conductors. Figure 1.8 illustrates the typical geometry of a two coupled-line coupler, the field interaction between the lines and the equivalent capacitance network. The following sub-sections describe the different feed systems used in phased arrays, most of them, based on power splitters.

CONSTRAINED FEEDS

Constrained feeds are based on power dividers and transmission lines connected to provide each element with an input signal. The required amplitude taper is achieved by properly designing the junctions. Constrained feeds may be parallel-type, series-type or combinations of both.

Series feeds

The main advantage of this type of feed is the simplicity of construction and assembly. The elements are equally spaced and serially arranged along a main transmission line. Two categories are distinguished among the serial feeds: the traveling-wave-type and the resonant-type. The former is terminated by a matched load as illustrated in Fig. 1.9. They are preferred when the main beam is not required to point perpendicular to the array plane. Equation (1.3) relates the inter-element spacing d, the inclined beam angle θ 0 and the guided wavelength λ g for two cases: transposed and untransposed feeds. A traveling wave feed is untransposed if there is no phase change between adjacent elements due to the coupling mechanism between them and the feed line. If there is a 180 • change of phase due to this mechanism, the array is called transposed.

sin θ 0 =    λ 0 1 λg -1 d for untransposed arrays λ 0 1 λg -1 2d for transposed arrays (1.3)
The traveling wave feed presented in Fig. 1.9 suffers from beam squint with frequency. The squint may be compensated by introducing additional line length in such a way that all the paths, from the input port to each radiating element are the same length. The main disadvantage of traveling wave series feed is the large input VSWR when used for broadside beam generation. To improve the feed performance for the broadside beam case, a resonant feed with interelement space of d=λ g or d=λ g /2 can be used. Resonant feeds are terminated by an open circuit or a short circuit at half-wavelength or at a quarter-wavelength beyond the last element, respectively. The main disadvantage of resonant feeds is the narrow input matching bandwidth, which comes from its resonant nature. Details on the design procedure for series feeds are provided in [START_REF] Hall | Handbook of Microstrip Antennas[END_REF].

Matched load

Parallel feeds Also called corporate feeds. The frequency dependence (beam squint) and the input matching limitations associated to series feeds can be reduced by using parallel feeds. Figure 1.10a illustrates a simple one-dimensional parallel feed. In this case, the line-length from the input port to each output port is the same, which implies equiphase signal distribution. In consequence, the main beam is oriented in the broadside direction and is independent of the inter-element spacing. Achieving particular power distribution tapers is possible by properly setting the power divider ratios.

Generating an inclined beam with respect to the broadside direction is also possible. For doing this, an incremental phase difference δ between the elements has to be introduced. This can be done by progressively extending the length of the output port lines or by properly shifting the input ports of the power dividers at each junction. The beam points towards the θ 0 direction but it is not squintless with frequency, nor independent of the inter-element distance anymore. The relation between the inter-element phase difference δ, the spacing d and the beam direction θ 0 is given in equation (1.4).

sin θ 0 = δ 2π λ 0 d (1.4)
As it can be observed from Fig. 1.10a, the parallel feed is suitable for arrays for which the number of elements is equal to an integer power of two; however, variations are possible by removing some of the power dividers as illustrated in Fig. 1.10b. Since the line lengths remain unchanged, the parallel feed characteristics are preserved and the configuration becomes suitable for one-dimensional arrays with odd or even number of elements. The two-dimensional parallel feeder illustrated in Fig. 1.11b corresponds to the antenna elements in Fig. 1.4b. The considerations for one-dimensional array apply also to the twodimensional case.

Combined feed Combining series and parallel feeds offer many possibilities to satisfy particular antenna requirements. For instance, center-feeding a one-dimensional series array makes it possible to avoid beam-squint with frequency.

The two-dimensional feed illustrated in Fig. 1.12a is a parallel feed with extended ports in series configuration. This arrangement squints with frequency in the series plane. This inconvenience can be solved by building a symmetric configuration made up of two identical networks in back to back configuration. The inconvenience with such an arrangement is the eventual discontinuity in the inter-element spacing at the center of the feed network; however, this can be overcome by implementing the parallel feed in a separate layer.

A couple of one-dimensional series feeds can be used to build a two-dimensional series-series feed network. In order to form a squintless arrangement, the array can be center-fed in both planes as illustrated in Fig. 1.12b.

Radiating elements Input (a) Asymmetric parallel-series feed.

Radiating elements (b) Symmetric series-series feed Figure 1.12: Two-dimensional feeders using combined configurations.

SPACE OR OPTICAL FEEDS

Space feed is an alternative to constrained feed networks. It is especially adapted for large antenna apertures. Space feeds are simple to design and implement but are also bulky and suffer from lack of amplitude taper control. Two groups of space-feeder are distinguished; the transmission type, illustrated in Fig. 1.13a and the reflection type, presented in Fig. 1.13b.

Space feeding takes advantage of free-space propagation for distributing the input signal among the array elements in a single step. For doing this, a single feeder illuminates an array of collecting antenna elements placed at a distance f .

In the transmission-type feed, every antenna used to collect the input signal is coupled, through a phase shifter, to one of the radiating element composing the phased array. In the reflectiontype feed, each radiating element is connected to a phase shifter terminated by a short circuit. In this way, the signal collected by each antenna element is reflected and re-radiated with a phase difference that depends on the phase shifter configuration; in consequence, reciprocal phase shifters are required. The main advantage of the reflection-type over the transmissiontype feed is practicality, particularly regarding the available place for placing the RF circuits behind the reflector.

For both types of space feeders, the collecting elements are not placed at equal distances from the primary feed, which makes the power distribution not to be equi-phase. To solve this, a correction for spherical phase front is introduced and is implemented through the phase shifters. The phase correction φ c for an element situated at distance r from the center of the reflector is given by the equation (1.5). The antenna array including this phase correction can be referred to as a lens, which explains the use of the term optical feed for this type of arrangements.

φ c = 2π λ ( f 2 + r 2 -f ) (1.5) 
As previously said, one of most relevant constraints of space feeding is the lack of an amplitude taper. A possible way to achieve it is by using multiple beams to illuminate the lens [START_REF] Jasik | ANTENNA ENGINEERING HANDBOOK[END_REF].

BEAMFORMERS

In [START_REF] Fourikis | Phased Array-Based Systems and Applications[END_REF], the author defines the term 'beamformer' as the steering of the antenna beam in many directions and the adjustment of the beam shape through phase shifters and gain controllers.

One of the most limiting factors for mobile antenna development is the beam-steering subsystem and the required electronic components. Such limitations are more precisely expressed by the complexity, cost, weight, volume and even reliability of the beamforming circuit.

Two main approaches are possible for agile systems suitable for high datarate mobile satellite communication. The first one is the digital beamforming, which is the most flexible way to achieve any radiation pattern. The second approach is the use of a multiple beam array able to adaptively select the optimal beam to ensure the communication. Both of this beamformers are briefly described in this section. the phase and amplitude corresponding to each radiating element [START_REF] Mailloux | Phased Array Antenna Handbook, Second Edition (Artech House Antennas and Propagation Library)[END_REF]. This technique makes possible fast beamscanning and adaptive beamforming, since these functions are implemented on software.

Digital beamforming

The beams are synthesized at intermediate frequency (IF) in digital signal processing (DSP) blocks; in general one block is required per radiating element. When the antenna is transmitting, the IF signals issued from the DSP blocks are converted from digital-to-analog, then they are up-converted to the RF frequency required to feed the antenna elements. The main disadvantages of DBF are the high complexity and implementation costs because each radiator is equipped with its own circuitry to obtain full digital control of the received/transmitted signals. Besides, all the channels (radiating element plus circuitry) must exhibit exactly the same response. Therefore, adapted calibration procedures are essential for the proper operation of the system [START_REF] Pawlak | An external calibration scheme for DBF antenna arrays[END_REF].

Multiple-beam networks

In general terms, these feeds are able to generate multiple and simultaneous beams to cover large sectors of the space. The network is fed by a set of input ports named beam ports. The output ports are the radiating elements. In general, an input signal at any of the beam ports excites all the output ports to produce a beam oriented in a particular direction.

This approach reduces the network complexity, when compared to a DBF, by eliminating the need of a Tx/Rx per antenna element. This results in significantly reduced fabrication costs, ease of design and fabrication using mature technology and reliable architectures. These advantages are paid by limited control and flexibility on the radiation pattern generation.

Recent and ongoing projects are investigating the possibility of using low-cost switched-beam antennas in the user terminals for mobile satellite services (MSS) (15; 34).

Three traditional techniques are commonly used for multiple beam generation. They are the series-coupled matrix, the parallel feed matrix and the parallel plate lens.

The most well-known serial multiple-beamformer is the Blass matrix [START_REF] Blass | Multidirectional antenna -a new approach to stacked beams[END_REF], presented in Fig. 1.14. The network is based on the series feeder principle earlier described in this section. The number of beams generated by the array corresponds to the number of series feeders. Every feeder is coupled to all of the array ports through directional couplers, so that each coupler leaks off a fraction of the input signal in the line connected to each radiating element. This configuration is convenient when a small number of beams b are generated from an n-element array. The required number of couplers is b • n. The Blass matrix is being used in up-to-date satellite communication prototypes such as the one presented in [START_REF] Casini | A novel design method for blass matrix beam-forming networks[END_REF], operating in Ku-band.

Butler matrix, illustrated in Fig. 1.15, is a well-know example of a parallel-feed network for multiple beam generation. This configuration is suitable when the number n of elements are equal to the number of required beams, when n is an integer power of two.

An input signal at any beam port excites all the radiating elements with equal amplitude and phase difference m • 180 0 /n, where m is an integer. The beams generated are orthogonal to each other, which means that the peak of each beam is located at the nulls of its neighbors.

The design and implementation of a Butler matrix is rather complicated when a large number of beams are to be generated. A total of n/2 • log 2 n directional couplers are required. In addition, the network includes a considerable number of phase shifters and cross-connections.

Lenses are an alternative to the Maxson-Blass or Butler matrices. In general terms, these lenses are made up of a set of input and output ports, a parallel plate cavity in which only a TEM mode can propagate and a set of transmission lines connecting the output ports to the antenna elements. The excitation of each input port produces phase variations across the antenna elements, which results in an inclined beam in a particular direction.

The most widely known parallel-plate lenses are the Ruze and Rotman lenses [START_REF] Rotman | Wide-angle microwave lens for line source applications[END_REF]. Ruze proposed various types; however, the most widely used has equal line lengths between the lens and the array and presents an elliptical output contour with two focal points on the input contour. Ruze also derived the approximative equations for the lens aberrations [START_REF] Ruze | Wide-angle metal-plate optics[END_REF].

On the other hand, the lens proposed by Rotman-Turner is three-focal-point, which uses unequal line lengths to connect the output ports to the antenna elements. Both, the Rotman lens and the Ruze lens, are suitable to feed linear array systems.

Advantages of these lenses are the simple design, compactness and suitability to flat antenna implementations. A large variety of parallel-plate lenses have been proposed since their introduction [START_REF] Kales | Design considerations for two-dimensional symmetric bootlace lenses[END_REF]; furthermore, they are still widely used in state-of-the-art phased array implementations. Figure 1.16 shows three implementations of parallel plate lenses used in antenna arrays for mobile satellite communications. The three systems are respectively presented in (12; 34; 40). 

RF COMPONENTS

Most of the beamforming networks utilize switches, phase shifters and attenuators; active phased arrays include also power amplifiers. This section briefly describes these components.

PHASE SHIFTERS

The beam pointing is adjusted by feeding the radiating elements with a certain phase difference. Diverse implementations of the phase shifting function are possible.

The former phase shifters were waveguide ferrite based; they are able to handle high power levels and introduce insertion losses below 1 dB. On the other hand, they are bulky and difficult to integrate into planar implementations. Smaller devices with less power handling capacity are diode-based phase shifters, which introduce higher losses than ferrite devices. When size constraints are more limiting, the MMIC transistor based designs might be suitable if they are used with solid state power amplifiers to compensate the significant losses as in [START_REF] Sanzgiri | A hybrid tile approach for ka band subarray modules[END_REF]. If maximum integration needs to be achieved or no suitable components are available on the market, customized digital chips performing functions such as signal conversion, filtering, phase shift and gain control are becoming more common [START_REF] Vaccaro | Low cost ku-band electronic steerable array antenna for mobile satellite communications[END_REF].

The choice of the phase shifters impacts the whole antenna system, not only because of its intrinsic performance but also according to its nature. For instance, when reciprocal phase shifters are used, feeders based on hybrid couplers become convenient. This is due to the possibility of terminating the isolated port by a matched load to absorb the mismatch reflections from the aperture. If nonreciprocal phase shifters are used, the hybrids can be replaced by T-junctions with isolated outputs.

AMPLIFIERS

Regarding the amplifiers, the choice depends on the antenna function. If the antenna is used for transmission, power amplifiers are required. On the other hand, if it is a reception antenna, low noise amplifiers (LNA) are needed. Both, power and low noise amplifiers can be found on the market in packaged and MMIC versions. The variety and price mainly depends on the frequency of operation (communication standard); i.e., the cost of a single DVB LNA module is as low as 2 e (12).

Integration or performance constraints may sometimes conduct to customized designs integrating both, phase shifting and amplification functions. This is the case of the Ku-band implementation presented in [START_REF] Baggen | First prototyping of a compact mobile ku-band satellite terminal[END_REF], in which the MMIC, presented in Fig. 1.18, merges RFcomponents and digital logic. 

SATELLITE TRACKING TECHNIQUES

Satellite tracking demands steerable antennas in both, azimuth and elevation planes. The former antennas used a two-axis pedestal for mechanically adjust the antenna position in such a way that the main beam constantly points towards the satellite. By using this strategy, there is no need for beam-forming network and the antenna design complexity is minimized. On the other hand, a large number of moving parts are required, which makes the system heavy, cumbersome and demanding for frequent maintenance. Figure 1.19 presents a Cobham (1) antenna using mechanical satellite tracking. More recent implementations have reduced the antenna profile by using flat radiating elements instead of the bulky reflectors of the former phased arrays; however, entirely mechanical beamsteering is still used in some applications. The antenna is mounted on a moving platform allowing 360 • azimuthal rotation. Since maintaining the antenna gain over a relatively large range of elevation angles is challenging, performing mechanical elevation steering is convenient when wide regions need to be covered. In this case, the satellite is physically pointed in the elevation plane by inclining the radiating elements. An antenna integrating this principle is shown in Fig. 1.20. Details on this implementation are presented in [START_REF] Fakharzadeh | Fast beamforming for mobile satellite receiver phased arrays: Theory and experiment[END_REF].

A hybrid approach is used when the satellite is mechanically tracked in one plane and the beam is electronically steered on the other plane [START_REF] Krauss | Low-profile ka-band satellite terminal antenna based on a dual-band partially reflective surface[END_REF]. This makes it possible to reduce the system size and the number of moving parts. The mechanical steering is widely used in the azimuthal plane through a moving platform. Electronic satellite tracking in the elevation plane is performed by integrating phase shifting in the antenna feed network. This hybrid approach is compatible with flat arrays; however, the antenna coverage in elevation is relatively limited [START_REF] Baggen | Compact phased arrays for mobile terminals[END_REF].

The third solution for satellite tracking is fully electronical. The obvious advantages of this architecture are the compactness achievable and the great flexibility for the beam genera- tion. Since this solution requires digital beam-forming capabilities (DBF), its complexity and fabrication costs increase extremely fast with the number of elements. 

STATE OF THE ART SUMMARY

SUBSTRATE INTEGRATED WAVEGUIDES

A brief description on substrate integrated waveguides (SIW) was given earlier in this chapter. This section provides additional information regarding their design, advantages, drawbacks and, finally, some alternative modifications to the basic structure.

The idea of implementing a waveguide on a planar substrate, by using metallic posts to construct the lateral walls, was firstly proposed in the patent [START_REF] Furuyama | [END_REF]; however, no study was reported on the propagation characteristics of the structure. Later, in [START_REF] Hirokawa | Single-layer feed waveguide to excite plane tem wave for parallel plate slot arrays[END_REF], the authors investigated the propagation on this kind of post-wall waveguide and used it to develop a slot phased array antenna.

SIWs combine the advantages of rectangular waveguides with the fabrication ease and the integrability of planar circuits [START_REF] Deslandes | Accurate modeling, wave mechanisms, and design considerations of a substrate integrated waveguide[END_REF]. Since their inception in the nineties, a great deal of studies have been conducted for efficiently modelling them (55; 56) and to develop microwave and millimeter-wave components (57; 58).

SIW GEOMETRY

The structure of a SIW is illustrated in Fig. 1.21; its width, denoted by a, is measured between the central points of two opposite side-wall posts. The post diameter and the spacing between consecutive posts are denoted by d and s, respectively. The waveguide design is straightforward through the relation a RW G = λ C /2, where a RW G is the width of a rectangular waveguide with cutoff wavelength λ C . In [START_REF] Cassivi | Dispersion characteristics of substrate integrated rectangular waveguide[END_REF], it was demonstrated that equivalent width a of a substrate integrated waveguide may be determined by using the equation 1.6:

a = a RW G + d 2 0.95 • b (1.6)
where b denotes the substrate thickness. Due to the non-continuity of the side-walls, only the TE n0 modes of a rectangular waveguide may be propagated over a SIW. In [START_REF] Xu | Guided-wave and leakage characteristics of substrate integrated waveguide[END_REF], the authors study the leakage losses and dispersion characteristics of SIWs and provide design rules for appropriately choosing the via size and pitch, which is the spacing between the posts.

The main drawback of SIW, when compared to other planar technologies, is the significant surface occupied. Modifications to the basic SIW topology have been proposed to reduce the footprint and to increase the bandwidth. The subsequent section, briefly describes some of them.

MODIFIED SIW STRUCTURES 1.3.2.1 SUBSTRATE INTEGRATED FOLDED WAVEGUIDE

The substrate integrated folded waveguide, also know as SIFW was proposed in [START_REF] Grigoropoulos | Substrate integrated folded waveguides (SIFW) and filters[END_REF]. As illustrated in Fig. 1.22, the double-substrate structure makes possible the propagation of the mode TE 10 by reducing the occupied surface by a half. Additional losses, with respect to a standard SIW, were reported. 

SUBSTRATE INTEGRATED FOLDED WAVEGUIDE BASED ON T-SEPTUM

This structure, proposed in [START_REF] Grigoropoulos | Compact folded waveguides[END_REF], is inspired by the T-Septum waveguide presented in [START_REF] Mazumder | Rectangular waveguide with t-shaped septa[END_REF] to improve the bandwidth of a conventional rectangular waveguide. Figure 1.23 illustrates the propagation of the mode TE 10 . The structure may be interpreted as a rectangular waveguide with the sides folded at the same distance with respect to the center. As in the previous case, this structure requires a stack of two substrates and three metal layers. The septum is implemented by using the central metal layer and a row of vias traversing one of the two substrates. The side walls vias traverse both substrates. 

HALF-MODE SIW

Half-mode SIW, also known as HMSIW was initially proposed in [START_REF] Hong | Half mode substrate integrated waveguide: A new guided wave structure for microwave and millimeter wave application[END_REF]; however, the first study on their propagation characteristics by using equivalent models and being validated by experiments, was published three years later in [START_REF] Lai | Characterization of the propagation properties of the half-mode substrate integrated waveguide[END_REF]. A sketch of the HMSIW is illustrated in Fig. 1.24. The operating principle is based on the approximation of the vertical cut as a magnetic wall. The advantages of this structure, are the ease of fabrication, which uses a single substrate, and the reduction to the half of the total surface. The main drawback is the non negligible energy radiated through the side not having the post-wall.

FOLDED HALF-MODE SIW

This topology, proposed in [START_REF] Zhai | Folded half mode substrate integrated waveguide 3 dB coupler[END_REF], is the result of combining the two previous structures. The occupied surface is reduced by 75% with respect to the original SIW. The cross-sections of the intermediate and the final structures are illustrated in Fig. 

SUBSTRATE INTEGRATED SLAB WAVEGUIDE

Substrate integrated slab waveguide, also known as SISW, is based on the operating principle of a conventional slab waveguide. In [START_REF] Deslandes | Substrate integrated slab waveguide (SISW) for wideband microwave applications[END_REF], the authors reduce the waveguide permittivity by drilling periodic holes in the substrate close to the side walls, as presented in Fig. 1.26. In this way, the electric field is concentrated in the center region and the cut-off frequency of the fundamental mode TE 10 decreases. This results in a wider single-mode bandwidth. 

RIDGED SUBSTRATE INTEGRATED WAVEGUIDE

Based on the design equations of a traditional ridged waveguide, the authors in (66) implemented a ridged waveguide using SIW technology. A row of metal-holes of height lower than that of the total substrate stack are placed at the waveguide center, as illustrated in Fig. 1.27. This implementation requires at least two substrate layers. A bandwidth increase of 37% is reported. 

CONCLUSION

This chapter provides a general introduction to the phased array antenna concept and applications.

The array architecture, radiating elements and feed networks are described, focusing on the needs related to satellite communications and lightening the advantages and drawbacks of the different architectures, subsystem and components. Similarly, an overview on satellite tracking techniques and a general description of RF components commonly used in phased array antennas were provided.

A summary of the state of the art of earth stations antennas designed for mobile satellite communications is presented in Table 1.1. Such summary briefly describes the radiating elements, feed network, gain, radiated power and tracking technique for each antenna.

Regarding the system to be developed in the framework of this project, the total height is identified as one of its major constraints. In consequence, planar technologies are relevant for the rest of the work described in this document. Furthermore, the reduction of production costs, another important constraint, encourages the use of standard fabrication procedures such as Printed Circuit Board (PCB).

PHD THESIS OBJECTIVES

As mentioned in the general introduction, this PhD thesis is carried out within the framework of the AMORCE project, founded by the ANR VERSO program. The main objective of the AMORCE project is to design and implement a new transmit antenna able to fulfill three essential requirements for mobile satellite applications.

The antenna has to be compact enough so as to be installed on a double deck train rooftop. The total antenna height is limited to 3 cm. In order to reduce the production cost, low-cost RF components and standard fabrication procedures should be used in the fabrication. Finally, the transmit antenna performance should be sufficient to guarantee a minimum up-link data rate of 1 Mbps in the Ku-band.

The first objective of this PhD thesis is to design and implement the power distribution system and beam-forming network for the antenna. Such designs should take into account the aforementioned restrictions regarding size, cost and fabrication procedures. Compatibility and ease of integration should be assured between the feed network and the radiating elements.

The study and implementation of a power amplification system for the antenna is the second objective of this thesis. The integration of power amplifiers leads to thermal management issues that need to be addressed for limiting the heat impact on the antenna performance.

Finally, the third objective of the works presented in this document is to assess the impact of power amplifier failures on the overall system performance. Such an impact and the way to evaluate it depends on the general antenna architecture and on the particular characteristics of the power distribution and amplification system.

Chapter 2

Low profile antenna for satellite transmission in Ku band

INTRODUCTION

Specifications and constraints for the Ku-band antenna are presented in this chapter. The set of specifications, provided by one of the project partners, leads to the definition of feasible architectures and appropriate circuit technologies.

Requirements and choices made for the different antenna subsystems are detailed and justified in this chapter. Preliminary studies on the feed network are presented.

SYSTEM SPECIFICATIONS

In the previous chapter it was explained that, to provide double deck trains with satellite connectivity, extra flat antennas are required. The flatness requirement is also applicable to aircrafts, for which the antenna aerodynamics and lightness are essential.

The antenna specifications are foreseen to provide the SNCF (Société Nationale des Chemins de fer Français) with a low profile antenna design able to track the satellite position at the speeds achieved by the TGV (train à grande vitesse). Currently, some of the SNCF trains are equipped with antennas for Internet access through satellite; however, their 45 cm height makes the installation impossible for double-deck trains.

The antenna specifications are provided by one of the partners of the project, TAS (Thales Alenia Space). TAS is a recognized industrial leader in the field of satellite communications and is interested in developing a marketable product meeting the described needs.

FREQUENCY BAND

In order to determine the antenna operating frequency in the Ku-band, it is necessary to review the radio regulations. According to the table of frequency allocations and applications for Europe, the frequency bands in which mobile satellite services are able to operate are: 10.7 -11.7 GHz for space to earth communication (downlink) and 14 -14.5 GHz for earth to space communication (uplink). Because of the frequency spacing between the transmission and reception bands, two different antenna apertures are normally used. The project partners agreed that only one of the apertures would be designed in the frame of this project.

When transmission and reception sub-systems are compared, it is the transmission one that imposes most of the challenges in term of antenna compactness. The power amplifiers and cooling systems required for transmission are much bulkier than the low noise amplifiers used in reception. Contrary to the transmission case, power consumption is not an issue when dealing with reception antennas. Additionally, for transmission, the radiation pattern mask is considerably more stringent than for reception, which results in more complex antenna and feed network designs. All these reasons show that the design of the transmitting antenna imposes several challenges, which require the exploration of innovative solutions. Henceforth, only the transmission antenna, operating in the band 14 -14.5 GHz is subject of this project. 

EQUIPMENT CONFORMITY

In the European Union, the R&TTE directive is the body in charge of establishing regulatory frameworks for placing on the market and putting into service all of the radio equipment.

For a device to show compliance, it has to meet the essential requirements specified in the harmonized standards developed by ETSI. Essential requirements under ETSI article 3.2 make reference to the effective use of the radio spectrum and orbital resources so as to avoid harmful interferences.

According to the satellite terminal characteristics, different ETSI harmonized standards are associated to them via CEPT decisions.

EARTH STATIONS ON MOBILE PLATFORMS (ESOMP)

The compliance of terminals operating in the frequency bands 17.3 -20.2 GHz and 27.5 -30.0 GHz is specified in the ETSI standard EN 303 978. The associated CEPT decision is ECC/DEC/(13)01.

HIGH EIRP SATELLITE TERMINALS (HEST)

Compliance of terminals with EIRP above 34 dBW, operating in the frequency bands 10.70 -12.75 GHz (space to earth) and 14.00 -14.25 GHz or (earth to space), is associated to the ETSI standards EN 301 459 or EN 301 428. The CEPT decision aassociated is ECC/DEC(06)03.

LOW EIRP SATELLITE TERMINALS (LEST)

The compliance of terminals with EIRP not exceeding 34 dBW, operating in the frequency bands 10.70 -12.75 GHz (space to earth) and 14.00 -14.25 GHz (earth to space) is specified in the ETSI standards EN 301 459 or EN 301 428. The related CEPT decision is ECC/DEC(06)02.

VERY SMALL APERTURE TERMINALS (VSAT)

Compliance of Very Small Aperture Terminals operating in the frequency bands 10.70 -11.70 GHz (space to earth) and 14.25 -14.50 GHz (earth to space) is associated to the ETSI standard EN 301 428 and CEPT decision ECC/DEC(03)04.

AIRCRAFT EARTH STATIONS (AES)

Compliance of terminals AES operating in the frequency bands 10.7 -11.7 GHz or 12.5 -12.75 GHz (space to earth) and 14.00 -14.5 GHz (earth to space) is associated to the ETSI standard EN 302 186. CEPT decision ECC/DEC(05)11.

Other useful ETSI standards for earth stations exist and provide the same EIRP mask as those previously referenced. However, they are not explicitely cited in the CEPT decisions. This is the case of the EN 302 977 for vehicule mounted earth stations (VMES).

OFF-AXIS EIRP EMISSION DENSITY

In order to protect other satellite uplinks, all of the previous ETSI standards specify the limits for the off-axis EIRP emission density within the band 14 -14.5 GHz. The same restrictions are included in the ITU-R recommendations S.524-8 and S.728-1.

The maximum EIRP density is provided for any 40 KHz band within the range 14 -14.5 GHz of the co-polarized component and for any direction φ from the antenna main beam axis. The limits in dBW/40KHz are stated as follows:

33 -25 log φ -10 log N for 2.5 • ≤ φ ≤ 7.0 • 12 -10 log N for 7 • < φ ≤ 9.2 • 36 -25 log φ -10 log N for 9.2 • < φ ≤ 48 • -6 -10 log N for φ > 48 •
where N is the maximum number of terminals transmitting simultaneously. For φ higher than 70 • , the values given above may be increased to 4 -10 log N dBW. Figure 2.2a presents the EIRP density limit as a function of φ.

SIDE-LOBE LEVEL RESTRICTIONS

In addition to the compliance of the EIRP density mask described in the previous section, the antenna system should be designed to fulfil the conditions in recommendation ITU-R S.580-6. Therein, the design objectives for earth station antennas operating with geostationary (GSO) satellites are described. This recommendation states that at least 90% of the side-lobe peaks should not exceed:

29 -25 log φ dBi for α = max(1 • , 100 • λ/D) < φ ≤ 20 • -3.5 dBi for 20 • < φ ≤ 26.3 •
where λ is the wavelength and D is the diameter of the antenna aperture.

Figure 2.2b presents this design objectif mask, which applies to any off-axis direction within 3 • of the GSO arc.

For asymmetric antennas, D represents the equivalent diameter and is equal to 4A/π, where A is the aperture area. Recommendation ITU-R S.465 provides the reference for off-axis angle φ greater than 26.3 • .

The dual compliance to the off-axis gain and EIRP density limits leads to restrict the maximum antenna input power density to 4 dBW/40 KHz. In consequcence, the input power density in the main beam direction is limited too.

SATELLITE CHARACTERISTICS

Given the great diversity of satellites currently covering the European territory, it is necessary to choose one of them to retrieve the data required for the subsequent analyses. As suggested in the document providing the expected antenna performance drafted by TAS, the satellite Eutelsat 8 West A, formerly referred as Atlantic Bird 2, is considered for the link budget analysis. This satellite was manufactured by TAS, which makes it possible to access some of the technical characteristics and measured performances.

UPLINK SATELLITE PERFORMANCE

.3a presents the uplink satellite performance [START_REF] Eutelsat | Eutelsat 8 W A former (atlantic bird 2) uplink coverage[END_REF]. Since a figure of merit (G/T) of around 7 dB/K largely covers the metropolitan France territory and a significant portion of western Europe, it is the value chosen for the link budget calculation.

ELEVATION RANGE DEFINITION

Elevation pointing angle mainly depends on the antenna position with respect to the satellite longitude. Figure 2.3b presents the required elevation angle to point the Eutelsat 8 West A from Europe.

The antenna elevation scan range is specified to cover the whole European continent, it is from 12 • to 48 • . This range must be increased to compensate the impact of angle variations due to the train movements. Typical values for rail switching are around 7 • . Consequently, the elevation range shall cover the range between 5 • and 53 • , which is rounded off to the range from 0 • to 60 • . 

POLARIZATION ANGLE

Since linear polarization is used in Ku-band communications, the antenna system must be able to track the polarization plane before performing any transmission. The polarization plane orientation depends on the train position and on the satellite position in the GSO.

The range considered in this application for the polarization plane corresponds to the European continent, which is from Fig. 2.4, from 2 • to -33 • .

TRAIN TO SATELLITE LINK

The minimum data rate required for the uplink is 1 Mbps per train, which is part of specifications provided by TAS to the project through an internal document. The carrier assumed for this communication is of the type used in second generation digital video broadcasting (DVB) systems for satellite broadcasting and unicasting (DVB-S2). The ETSI standard associated with DVB and DVB-S2 systems is the EN 302 307.

CARRIER SIGNAL

In this section, the assumptions regarding the carrier signal are defined. They are based on one of the typical configurations of existing modems for satellite communications in the Ku-band, manufactured by TAS. This modem is referred in section 2.3 as the transceiver.

In recommendation EN 302 307, the carrier to noise ratio (C/N) requirements are provided as a function of the spectrum efficiency (useful bit-rate per unit symbol rate R S ) when an ideal demodulator is used for a communication through an AWGN (additive white gaussian noise) channel. Such requirements, issued from computer simulations, are presented in Fig. 2.5.

To achieve the design objective of 1 Mbps data rate, a carrier signal with symbol rate of 500 Kbauds is selected. The roll-off factor of the transmission filter is supposed to be 0.2, which leads to 600 KHz of occupied bandwidth. The selected modulation scheme is 8PSK with encoding rate of 3/4, which leads to a useful bit-rate per unit symbol equal to 2.25. According to Fig. 2.5, the C/N ratio required for a signal with this spectrum efficiency is 8 dB. An additional margin of 1 dB is taken, then a total C/N=9 dB is necessary to guarantee the communication data rate. Table 2.1 summarizes the carrier signal characteristics. 

TRANSMIT EIRP DENSITY

In order to determine the EIRP required to guarantee the C/N previously deduced, the link budget with the parameters in Table 2.2 is established. The interference levels in there are typical values used by TAS for satellite link design in this band.

The interference factor is included in the calculation of the total C/N; however, a more accurate way to refer to it is the carrier to noise plus interference ratio (C/(N+I)). The interference I can be decomposed into co-channel interference and inter-modulation interference. The first one is due to the satellite networks operating in the same frequency band; this interference is taken into account in the link budget in Table 2.2. The second type of interference is due to the inter-modulation products originated by the power amplifier when operating in non-linear zone.

To maximize the carrier to interference ratio, an input back-off relative to the saturation power of the amplifier is required. These clarifications are made to show that the characterization of the power amplifier is essential to calculate the required EIRP of the terminal. 

MAIN BEAM AXIS GAIN

In the previous section it was deduced that 39.5 dBW/40 KHz is the EIRP density required to achieve a C/N ratio equal to 9 dB. Given that the power density applied to the antenna input is limited to 4 dBW/40 KHz, the antenna gain G is deduced from:

G = EIRP [dBW/40 KHz] -P in [dBW/40 KHz] = 35.5 dBi

TRANSMIT POWER CALCULATION

The following relation can be used to calculate the required EIRP to be provided by the antenna, considering the 500 MHz transmission band:

EIRP [dBW] = EIRP density [dBW/40 KHz] + 10 • log R [Kbauds] -10 • log 40 = 50.5 dBW
where R is the symbol rate.

By using this result and the previously calculated antenna gain in the main beam direction, it is possible to deduce the power to be provided by the power amplification system as:

P in [dBW] = EIRP -G = 50.5 dBW -35.5 dBi = 15 dBW

ANTENNA ARCHITECTURE

In order to keep reasonable complexity and cost, a hybrid satellite tracking technique was chosen. Full azimuthal control is performed by mechanical rotation of the platform on which the antenna aperture is placed. Electrical steering is used in the elevation plane to achieve the required 60 • range. The antenna specifications identified in this chapter include high gain and stringent SLL. In consequence, the radiating elements should be able to individually provide significant gain and efficiency, which is the main reason why printed patches are discarded. It should be noted that the antenna efficiency not only depends on the aperture but also on the feed network, whose losses increase proportionally to the the aperture size.

The other relevant aspect to be taken into account for the antenna design is related to the height constraints. The implementation of the radiating elements and their feed network shall be feasible in planar technology.

Regarding the steering in the elevation plane, it is performed by introducing a phase gradient between the radiating elements, which makes the antenna a phased array.

RADIATING ELEMENTS

The radiating elements selected for this implementation are slot waveguides, which are efficient and flexible radiators widely used in high-gain antenna applications. The main advantages of these elements were described in 1.2.2.3. Therein, it was highlighted that slot waveguides can be fabricated in planar technology in the form of substrate integrated waveguides (SIW). However, to make the preliminary calculations and simulations simple, conventional rectangular waveguides are used. The SIW equivalent structures are used to validate the designs at their final stages.

Figure 2.8 presents a slot waveguide similar to the ones to be used in this application. The slots are etched on the wide-side of the waveguide and each of them allows a small amount of energy to be radiated. The slot impedance and resonant behavior depend on its position and size, respectively [START_REF] Elliott | Antenna Theory & Design[END_REF].

Since the inter-slot space is constant and the elements are serially arranged along the waveguide, this latter is actually a series feed. In section 1.2.3.2, two types of series feed were considered: the resonant and the traveling wave types. These two categories are valid for the slot waveguide antennas too. In this implementation, resonant slot waveguides are used.

The design of the radiating elements is in charge of IETR (Institut d'Electronique et de Télécommunications de Rennes), one of the partners of the AMORCE project. 

FABRICATION CONSTRAINTS

Before carrying on any detailed design, it is necessary to identify the fabrication constraints imposed by the manufacturer. Such constraints are usually provided to guarantee specific tolerances and the general structure reliability. They depend on the means of manufacturing but also on the substrate material.

Given the antenna requirements identified up to here, namely, the approximative panel size, the need of multiple layers and the use of metallic posts, there are no many manufacturers in France able to deal with this kind of fabrication. A consequence of this is that the substrate choice is strongly influenced by the manufacturer's experience and conditions to guarantee acceptable tolerances.

PANEL SIZE

The largest panel that the manufacturer is able to handle for a multi-layer assembly is 61 x 46 cm, from which the useful surface is 58 x 44 cm. Moreover, the total height of the stack is limited to 4.5 mm.

According to the IETR, this limitation on the panel surface, makes it very difficult to reach the required gain and side-lobe level (SLL), at least for a planar implementation. Consequently, it was decided that the planar solution, allowing the use of PCB technology, would be retained at the expense of gain reduction. In this way, the low-profile and low-cost characteristics are preserved to implement proof-of-the-concept demonstrators with reduced size and gain. If the size panel restrictions are eventually overcame, then, the antenna as required to fulfill the specifications can be designed by using similar basic building blocks and criteria as for the proof-of-the-concept assemblies.

SUBSTRATE MATERIAL

The choice of the substrate material not only impacts the electrical performance of the antenna but also has influence on the thermal management, the shape factor and the mechanical properties. Substrates with high dielectric constant allow to obtain smaller footprints, due to the fact that some of their dimensions are expressed by fractions of the guided wavelength.

The dielectric losses of such substrates should be carefully considered, since they may be significant to the point of impact the antenna gain, which is specially undesirable for transmit applications.

The substrate thermal properties are also often considered, specially when dealing with significant power levels. Substrates with high thermal conductivity make easier the heat transfer from the circuit to the heat sink or housing.

Regarding the coefficient of thermal expansion (CTE), it is desirable to have a value as low as possible in the thickness plane (Z-axis) of the substrate for assuring reliable connections.

Mechanical properties, such as rigidity and weight are major elements concerning the substrate material choice for certain applications.

The configuration and the number of radiating elements depend on the selected substrate material, more precisely on its relative permittivity. In order to illustrate the differences between some configurations, occupying the same surface and respecting the panel size restrictions, Table 2.3 groups some of them. Even if, for this application, planar technology is preferred over micro-machining, air filled waveguides are included to compare the form factor for similar antenna gain and SLL.

Table 2.3 makes it evident that the required number of slots per guide raises when the substrate relative permittivity increases. This is a consequence of the guided wavelength reduction, which implies shorter inter-element distance and therefore, higher number of elements within the same surface.

The resonant nature of the radiating elements implies that the higher the number of slots, the narrower the input matching bandwidth. Therefore, low permittivity substrates allowing to achieve the required gain with fewer number of slots are preferable to improve the antenna bandwidth. This is in line with the need of favor low substrate losses so as to have higher antenna gain.

The low relative permittivity, the ease of provisioning and the experience of both laboratories (Lab-STICC and IETR) using it, make of the RO5880 a convenient candidate for implementing the antenna array, with the only disadvantage of having a low thermal conductivity. However, the RO4003 is the substrate the best mastered by the company in charge of the antenna implementation. Only if this material is used, the inter-layer alignment and blind via tolerances are guaranteed. Table 2.4 lists the RO4003 main characteristics.

RADIATING STRUCTURE

Given that the antenna is electronically steered only in the elevation plane, the phase gradient required for steering is introduced in only one axis. This means that the phased array is actually a linear array.

According to the array theory, the normalized array factor for identical elements of equal magnitude uniformly-spaced, with a linearly progressive phase α from element to element, is given by the equation (2.1)

AF = 1 N sin( N ψ 2 ) sin( ψ 2 ) with ψ = α + kd cos θ (2.1)
where N is the number of elements, k is the wave number, d is the inter-element distance and θ is the angle towards which the main beam is pointing [START_REF] Mailloux | Phased Array Antenna Handbook, Second Edition (Artech House Antennas and Propagation Library)[END_REF].

From the array factor expression, it can be shown that the condition d < λ 0 /2 is required to avoid having more than one main lobe in the array factor. Figure 2.9 compares the linear array factor for a 40-element array when three different inter-element distances are used. In the three cases, the main beam is pointing towards θ = 20 • .

By setting the inter-element distance to d ≈ λ 0 /2, it is possible to estimate the maximum number of radiating elements that can be accommodated in one of the antenna axis. This maximum is limited by the useful substrate surface. On the other hand, the inter-slot distance needs to be determined to complete the sketch of the antenna aperture. For doing so, the waveguide width and, consequently, the guided wavelength λ g have to be calculated.

Let f be the central frequency and f c to denote the waveguide cut-off frequency. The proximity between these two frequencies determines the operation bandwidth of the waveguide itself. Given that the system is narrow-band (<5%), the cut-off frequency does not have to be very close to the operation frequency, as it is the case for wideband applications. For a ratio f /f c ≈1.5 and for the RO4003 relative permittivity (3.55), the waveguide width a RW G is roughly 8.5 mm.

The equation (2.2) is used to calculate the propagation constant of the fundamental mode TE 10 in the waveguide. The guided wavelength λ g = 2π/β is found to be 14.8 mm.

β = 2π λ 2 - π a RW G 2 (2.2)
Since the antenna is a resonant array with inter-slot distance equals to λ g /2, the maximum number of slots per waveguide can be deduced. Table 2.5 summarizes the results on the maximum number of elements that can be fabricated on the available surface.

It should be noted that the way in which the elements are grouped, strongly depends on the feed network design, which is described in the subsequent section. 

FEED NETWORK

The requirements imposed to the power distribution system, mainly come from the radiating aperture. These include the geometry of the radiating elements and the power weighting necessary to reduce the SLL.

The general system requirements, such as the ease of integration of the amplification and phase shifting functions, the feasibility of the network in planar technology, the bandwidth requirements and the fabrication constraints, should be considered too. They are crucial for the different choices made in this section.

After these general remarks on the feed network constraints, let this section to begin by an overview on some slot-antenna array implementations. Table 2.6 summarizes the general characteristics and provides details on the feeder architecture. It can be noted that wider bandwidth is achieved when corporate or partially-corporate feeds are used. Indeed, two of the most relevant factors limiting the operational bandwidth of antenna arrays are the feeder bandwidth and the bandwidth inherent to the radiating elements.

In the case of slot waveguides, the bandwidth decreases with the increase of the guide electrical length. According to the calculations summarized in Table 2.5, the slot waveguides to be used in this application are significantly long; hence, restricted input matching is expected from them.

To avoid further bandwidth reductions that may compromise the overall antenna performance, the use of corporate feeds is likely to be necessary. To facilitate their eventual integration, the number of elements calculated in Table 2.5 is bounded to the closest power of two. Then, the antenna aperture to be designed is made up of 32 waveguides, each one with 64 slots.

The bandwidth limitation, from which the long slot waveguides suffer, is known as the "long line effect". In addition to the restricted input matching, the long line effect is also characterized by the beam squint with frequency. This can be explained by considering the waveguide as a series feed for the slots etched on it. As stated in section 1.2.3.2, the squint with frequency is inherent to the series feeds; similarly, the poor input matching is characteristic of the resonant series feeds.

In the same previous section was also noted that the beam squint with frequency can be reduced by center-feeding the series feeder which is, in this case, the slot waveguide. To illustrate this, Fig. 2.10 presents the radiation patterns generated by a slot waveguide antenna designed to operate from 23.9 to 24.4 GHz. The patterns, issued from electromagnetic simulations run by the IETR, correspond to two different types of feeds. In the first case (on the left), the feed port is located at one side of the waveguide and this is terminated by a short circuit. In the second case (on the right), the antenna is fed at the center. The beam squint with frequency is evident for the first type of feed; hence, center-fed slot waveguides are to be used in this application. The limited input matching bandwidth, associated with long slot waveguides, is usually addressed by reducing the effective length of the radiator. Some of the implementations included in Table 2.6, reduce the original length by two [START_REF] Park | Center feed single layer slotted waveguide array[END_REF] and by four [START_REF] Ando | Reduction of long line effects in single-layer slotted waveguide arrays with an embedded partially corporate feed[END_REF]. However, the discontinuity of the radiating aperture, corresponding to the space occupied by the feeder, causes blind angles and rises the side lobe level. This inconvenient can be overcame by implementing the feed network on parallel layers, which, at the same time, increases the stack complexity.

Normalized gain (dB)

Antenna simulations were run by the IETR for the cases in which a slot waveguide making up the antenna, is split into shorter waveguides reaching, in total, the same number of slots. Henceforth, the shorter waveguides into which the former one is split, are referred as subwaveguides.

Figure 2.11 presents the input matching of the antenna used to generate the radiation patterns in Fig. 2.10. The results corresponding to a 32-slot waveguide are compared with those in which the antenna is split into two and into four sub-waveguides, each one with sixteen and eight slots, respectively.

The input return loss corresponding to the four sub-waveguides, each one with eight slots, is not significantly better than the one achieved with 16-slot-waveguides. However, the second configuration is preferable to reduce the feed complexity. After evaluating the results issued from the previous simulations, it was proposed to split each of the 64-slot waveguides into four sub-waveguides, each one with sixteen slots. In this way, a trade-off between input matching and feed network complexity is pursued. Furthermore, each of the sub-waveguides is center-fed for reducing the long line effect as much as possible.

A sketch of the aperture is presented in Fig. 2.12. The steering in elevation is electronically performed by introducing a phase gradient between the radiating elements in the E-plane. To be consistent with the orientation of the radiating elements in the sketch, the term "row" is henceforth used for referring to each of the 64-slot waveguides. This is equivalent to make reference to the set of four sub-waveguides fed in phase, each one with 16 slots.

The design of the radiating part of the antenna, in charge of the IETR, includes the definition of the E and H plane weighting required to keep the SLL under the regulatory limits. Table 2.7 summarizes the aperture characteristics and the radiating waveguide dimensions.

FEED ARCHITECTURE AND TECHNOLOGY

In order to select the most suitable architectures and technologies to implement the E-plane and the H-plane feeds, several designs are compared in this section.

Given the height and integration constraints, only planar technologies are considered; namely, microstrip and substrate integrated waveguides.

Regarding the microstrip designs, the basic block, selected to make up the feeds, is the two-way Wilkinson power divider. This device is specially convenient when implemented with strip lines because of its compactness and simplicity. In section 1.2.3.1, an overview on the structure was given; however, it was the case for unequal output impedances. In the structure used for the 

Z 1 = Z K(1 + K 2 ) Z 3 = Z √ K Z 2 = Z 1 + K 2 K 3 Z 4 = Z √ K R = Z 1 + K 2 K K 2 = P 2 P 1 (2.3) 
This divider presents remarkable advantages, it is broadband and provides two equal phase, unequal amplitude and isolated outputs with good matching at each port [START_REF] Parad | Split-tee power divider[END_REF].

H-plane feed

The power applied to each of the rows composing the array, is required to be radiated over the 64 slots by following a Taylor distribution, as in Fig. 2.14. Such distribution corresponds to the H plane tapering. In slot antennas, the H plane tapering is often performed by properly setting each of the slot conductance. Such conductance depends, in the case of longitudinal slots, on the slot displacement from the guide centerline. However, the use of this solution alone does not make it possible to implement the required tapering, due to the wide dynamic range of the distribution.

The division of the 64 slots into four separate sub-waveguides, with 16 slots each one, permits their independent feeding. The percentage of power to be provided per sub-waveguide is included in Fig. 2.14. The four sub-waveguides are fed in phase.

Since the phase difference to perform the elevation steering is introduced between consecutive rows, independent H plane feeds are needed per each row of the array.

The structure of a 64-slot-waveguide is presented in Fig. 2.15. In there, the inter-element spacing d H , is equal to eight guided wavelengths, it is roughly 120 mm. The maximum interrow distance d E , deduced in section 2.3.3, is 10.5 mm. The power to be provided to the four sub-waveguides is noted P 1 , P The structure required to feed the four sub-waveguides is significantly long, approximately 28 guided wavelengths, measured from one side of the row to the radiating element at the opposite side. Consequently, special attention should be paid to the loss analysis for not to degrade the overall antenna efficiency.

Series feed Given that the line losses associated with a series architecture are lower than those of a corporate one, the series feed seems to be the most suitable option for large arrays. Additionally, its compactness is well adapted to the inter-element constraints in the E-plane, noted d E in Fig. 2.15.

Since the feed length, and consequently the line losses, are different for each of the elements in a series-fed array, they should be taken into account in the design. In this case, the feed length seen by the element fed at first is d H /2, whereas it is 7 times longer for the element fed at last.

To proceed with the design, several variables are defined. The attenuation factor α of the transmission line is expressed in dB/length units, thus the overall line loss over the distance d H , separating two sub-waveguides is found by multiplying the attenuation factor by the d H distance. However, only the linear equivalence α l of this factor is used in the subsequent equations and it is defined as α l = 10 -αd H /10 .

For the required H-plane tapering, the expressions for the power radiated by each of the sub-waveguides, taking into account the line losses, are defined in (2.4). Under the same considerations, the power ratios r 1 , r 2 and r 3 of the two-way power dividers required to constitute the series feed, are defined too.

P 1 = P in α 3 l α 2 l + mα l + m + α -1 l P 2 = mP 1 r 1 = 1 + mα l + mα 2 l + α 3 l α 3 l -1 r 2 = 1 + mα l + mα 2 l + α 3 l mα 2 l - α l m -1 r 3 = 1 + mα l + mα 2 l + α 3 l mα l - α 2 l m -α l -1 (2.4)
In order to estimate the linear losses of a dielectric-filled rectangular waveguide, electromagnetic simulations were performed on the finite element method solver HFSS. The waveguide dimensions and substrate material are the same as for the slot waveguide, as indicated in Table 2.7.

On the other hand, dielectric and metal losses for a 50 Ω microstrip line were computed [START_REF] Gupta | Microstrip Lines and Slotlines 2nd Ed[END_REF] and verified through the Agilent electronic design software ADS, as well as through electromagnetic simulations. The substrate used is 0.508 mm thick RO4003. The line losses due to radiation were deduced from full wave simulations. Under the simulated conditions, no surface wave modes are coupled and no higher modes are excited. The budget loss for both, microstrip line and rectangular waveguide is provided in Table 2.8. The high losses of the microstrip line make this technology unsuitable to implement the H-plane feed, given its significant length. Additionally, a fabrication issue raises when the two-way power divider ratios are calculated from (2.4). For a total linear attenuation α=0.254 dB/cm, corresponding to the simulated The line impedances required to realize the first of the dividers, with ratio r 1 , are calculated by solving (2.3). Z 1 and Z 2 are found to be 403 Ω and 25 Ω, respectively. The line width required to implement the first of them, on the same substrate as the rest of the lines, is too thin (81 nm). Furthermore, the discontinuity between lines is very likely to be the source of undesired radiation and high return losses. Transmission line structures have been proposed to implement Wilkinson dividers with large power split ratios (77); however, the compactness and the ease of fabrication of the original divider are lost.

Since the linear attenuation is reduced, a lower power ratio r 1 is expected when using a waveguide feed. From Table 2.8, α is made equal to 0.097 dB/cm and the power divider ratios r 1 , r 2 and r 3 are found to be 12, 2.2 and 5.3 dB respectively. These power division ratios can be achieved by using waveguide directional couplers, such as the Bethe hole or multihole couplers [START_REF] Pozar | Microwave Engineering[END_REF]. However, when coupling the feed to each of the radiating waveguides, the isolated port of the directional coupler corresponds to one section of the radiating waveguide, preventing the feeding of the slots placed in such section. This issue is illustrated Fig. 2.16.

In Through

Coupled Isolated slots coupling hole If the hole is placed close to one of the short-circuited ends of the radiating waveguide, the coupled energy feeds all of the slots. Nevertheless, this configuration is not compatible with the requirement of center-fedding the waveguide.

An alternative solution is to include an intermediate layer with four waveguide sections. Such sections are placed in such a way that they receive the energy coupled from the feed and, at the same time, center-feed each of the radiating waveguides. However, this configuration increases the stack complexity, the overall losses and do not provide significant advantages over a corporate configuration, which requires also the use of two substrates layers to be implemented.

Corporate feed

From the previous analysis, to prevent excessive line loss, SIW is the most convenient technological choice. Regarding the architectural choice, it was shown that to center-feed the radiating waveguides, two substrate layers are required even for a series feed. Given this constraint, a corporate feed, implemented on two substrate layers is also considered.

The corporate architecture has several advantages over the series one, such as improved band-width performance, equal line-length and losses for all the elements and inherent equal-phase feeding. Figure 2.17 illustrates the proposed corporate feed configuration.

Feed point transition for equal power division radiating slots transition for non uniform power division Figure 2.17: H-plane corporate waveguide feed (cross-section).

The feed is based on inter-substrate transitions; no directional couplers are needed, which considerably simplifies the design. From top to bottom, the first and second layers represent center-fed rectangular waveguides, used as 1 → 2 power dividers. Non-uniform power division is performed between the first and the second layers. Such power ratio is directly obtained from the Taylor law in Fig. 2.14, it is, 4.5 times or 6.54 dB.

Considering the implementation of a microstrip corporate feed, it should be noted that, aside from the high loss, it is also constrained by the limited inter-row spacing, noted d E in Fig. 2.15. Indeed, the long, parallel and closely spaced microstrip lines are very likely to crosstalk [START_REF] Montrose | Printed Circuit Board Design Techniques for EMC Compliance[END_REF]. To verify this, full wave simulations of electrically long microstrip lines, with the parameters described earlier in this section, were performed. The simulation results are illustrated in Fig. Strong oscillations of the crosstalk level as function of the line length were found, which is in agreement with the results in [START_REF] Shufang | Simulation for crosstalk in coupled microstrip transmission lines[END_REF]. According to these simulations, a minimum separation distance of around 3.5 mm is necessary to keep the coupling under -20 dB for lines shorter than 20 mm (1.5λ g ). It is more than 33% of the available inter-row space, which makes it impossible to implement a corporate feed and seriously compromises the feasibility of a partially corporate one. From the same figure, longer lines require wider separation distances.

As a result of the previous studies, the corporate architecture and the waveguide technology are chosen to implement the H-plane feed for the antenna array.

E-plane feed

The design of the power divider for feeding each of the rows in the array is much more complex than the previously analyzed H-plane feed. In the E-plane, 32 waveguides should be independently fed so that the input signals can be injected with variable and different phase. In this way, the electronic steer is performed in the elevation plane. Figure 2.19 illustrates the interaction between the E-plane and the H-plane power distribution networks. In order to reduce the complexity of the subsequent analysis, a 16-way power divider is analyzed in this section; however, the choices are made by taking into account their applicability to the 32-way feed.

The required weighting to feed each of the waveguides is represented in Fig. 2.20. Such distribution, provided by the IETR, is part of the design of a prototype described in Chapter 3.

The maximum power is radiated by the center waveguides, numbered 7, 8, 9 and 10. A progressive and constant decrease of 1 dB is required between consecutive waveguides, from the center of the array towards each of the sides.

Series feed Even if the series architecture presents certain limitations, it is worth to study it because of the reduction of line loss when compared to a corporate feed, specially in the case of a significant number of output ports. Figure 2.21 illustrates a series network to feed the 16 waveguides, which is composed of 15 two-way power dividers. As in the previous section, the power ratio of each divider is noted r n and the line attenuation, in dB/lenght units, is represented by α. In this case, the variable representing the loss per line section α l , is computed by using the inter-waveguide distance d E , then α l = 10 -αd E /10 . The power dividers are defined by the equations (2.5). Several implementations included in Table 2.6, use the series architecture to feed slot waveguide arrays. Among them, there is an alternating-phase power divider based on a T-junction with inductive post [START_REF] Sakakibara | Alternating phase-fed waveguide slot arrays with a single-layer multiple-way power divider[END_REF]. A sketch of the junction is presented in Fig. 2.22. The power is coupled from the feed waveguide through a window etched on its side-wall, which corresponds to one of the ends of the slot waveguide (port 3). The coupling level depends on the window size w.

The return losses are controlled through the position (p, q) of the post with radio r post . The feed is dimensioned in such a way that the guided wavelength corresponds to the inter-slot distance.

To implement the required E-plane feed, each of the 15 junctions is separately designed to reduce the reflection loss as much as possible and to obtain the required power ratio. For doing this, the parameters w, p, q and r post of each of them are optimized, making a total of 60 parameters.

Using (2.5), the split ratios are computed for a waveguide feed without dielectric losses; the results are summarized in Table 2.9. The reason for neglecting the dielectric losses is to force the reduction of the overall power split ratios. Indeed, as for most of two-way power dividers, with this kind of junction, it is challenging to obtain wide range of split ratios and also good port matching. In this particular case, the return loss are not better than -18 dB for split ratios below 3 dB.

The S-parameters of two individually optimized junctions are presented in Fig. 2.23. The power ratios correspond to r 1 and r 5 in Table 2.9, respectively. From both figures, the transmission and reflection coefficients are stable over the frequency; in consequence, the split ratio is kept over a wide bandwidth too. Acceptable matching levels are only achieved for two out of 3 ports, in this case ports 1 and 2. The impossibility to achieve good matching on all the three ports and, and also low losses, is a significant disadvantage of this structure. The stability over the frequency disappears when the junctions are cascaded. In Fig. 2.24, seven splitters are cascaded to make up one half of the 16-way feed. Half of the E-plane weighting is expected to be obtained from ports 2 to 9; the power corresponding to the second half of the array is transferred to port 10.

P 1 P 2 P 16 r 1 P 3 r 2 … . . .
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The transmission coefficients, in Fig. 2.24b, are strongly perturbed at the operating frequency, which is due to the increase of the input return loss (Fig. 2.24d). On the other hand, at 15.2 GHz, the return losses are minimum and the transmission coefficients are more in agreement with the expected power law. However, they are quite instable over the frequency, which limits the whole structure bandwidth. This bandwidth limitation is confirmed by plotting the transmission phases in Fig. 2.24c; in there, the alternating phase nature of the feed is verified only at the design frequency (14.25 GHz), for which the phase difference between adjacent output ports is 180 • .

Since each splitter was individually optimized through a full wave simulator, perfect coupling was assumed at each port. These conditions totally change when the junctions are cascaded, due to their limited input and output matching. Then, undesired reflections propagate all over the structure, affecting the whole feed behavior. A similar frequency shifting of the input matching is observed when the whole feed is simulated; the transmission coefficients are perturbed consequently. The structure and the S-parameters obtained from full wave simulations are presented in Fig. 2.25.

According to the previous results, and because of the lack of symmetry of the structure, an optimization procedure of the whole feed is required to reduce the return loss at the operating frequency. Such procedure is extremely time and resource-consuming, given the number of parameters. Additionally, even if the optimization is performed, it is not likely that the required weighting be obtained for the whole operating band, due to the highly variable behavior of the S-parameters, as verified from the previous simulations.

The high complexity and the limited flexibility of the design, as well as the restricted bandwidth of the transmission coefficients make it inviable for the studied application.

On the other hand, a strip line fabrication is not feasible, due to the difficulties to implement large split power ratios in that technology. Considering the high line losses, the split ratios required for a microstrip fabrication are higher than those in Table 2.9. An alternative to reduce them is by center-feeding the array, which, at the same time, improves the bandwidth by reducing the squint with frequency. The resulting center-fed series power divider is presented in Fig. 2.26. The equations for calculating the split ratios, fulfilling the E-plane tapering are also included.

Considering the previously estimated linear attenuation (0.254 dB/cm) for a 50 microstrip line, 

r
r n =          n m=1 10 -m/10 α m l if 1 ≤ n ≤ 6 1 + r n-1 α l if n = 7
(2.6)

Figure 2.26: E-plane center-fed series feed for the 16-waveguide antenna.

the split ratios were computed using (2.6). Then, using ideal microstrip line segments with the same attenuation, a circuit simulation was run. Figure 2.27 presents the simulation results and the computed split ratios.

From Fig. 2.27a, the transmission coefficients satisfy the required E-plane weighting. Besides, they are stable over the operating frequency band (14 GHz to 14.5 GHz), with a slight decrease above 14.5 GHz. The input and output matching levels are lower than -20 dB at the frequency band of interest.

In this simulation, the length of the quarter wavelength segments was slightly reduced with respect to the one used for simulating a single two-way splitter. This fine-tuning procedure was done to set the minimum return loss at the operating frequency. As for the waveguide series feed, the input matching shifts when several splitters are cascaded. The required modifications to compensate such shifting are easy to implement and simulate in microstrip technology.

It should be highlighted also that the performed simulation does not take into account any discontinuity between the line segments, which explains the convenient results, in spite of the significant split ratio r 1 . Indeed, to implement it, a line with characteristic impedance of 177 Ω is necessary. This implies a 23 µm wide microstrip line for the selected substrate. Such value is at the limit of the fabrication tolerances, considering that several electrolytic depositions are necessary for plating the holes on the different substrate layers. In consequence, the copper thickness considerably increases and the fabrication tolerances are directly impacted.

For the same architecture, the overall power ratios are even higher in the case of the 32-way antenna array. Consequently, selecting it for the E-plane feed is not convenient. In order to achieve lower split ratios, a corporate architecture becomes necessary. Corporate or parallel feed From the previous results, it could be said that the choice of a corporate feed for the E-plane is just a consequence of the constraints to design power dividers with large split ratio. Nevertheless and in spite of the higher losses associated to them, the corporate feeds present important advantages over the series architecture, as detailed in section 1.2.3.2.

In addition, the design of a corporate power divider is much easier than the design of a series one. The reason is that for the corporate, the feed length is the same for all the outputs, then the split ratio of the splitters is independent of the line losses and length. Besides, all the elements are inherently fed in phase.

In Fig. 
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Figure 2.28: E-plane corporate feed for the 16-waveguide antenna.

A circuit simulation, using similar conditions as for the center-fed series architecture, was performed. Again, the discontinuities are not taken into account and only straight line segments are used. This makes it possible to compare both architectures by neglecting any effect coming from the junctions or layout design. Figure 2.29 presents the S-parameters obtained for the 16-way corporate feed. The transmission coefficients perfectly satisfy the required power law. They are more stable over the frequency than the results obtained for the center-fed series divider. The port matching is also improved in magnitude and bandwidth. Additionally, the power split ratios are low enough to be implemented in strip technology, without the risk of having significant discontinuities. Regarding the feed losses, a comparison between both architectures is illustrated in Fig. 2.30.

Normalized power

Input power = 1 W Figure 2.30 compares the power injected to each of the slot waveguides for both, the corporate and the center-fed series architectures. In the two cases, the E-plane weighting is satisfied; however, the non-equal losses per element, inherent to the series architecture can be noted.

In there, the central elements, positioned close to the feed point, present the lowest losses.

For the line attenuation considered, it was calculated that approximately 82.5% of the power injected is transfered to the radiating elements, in the case of the series feed. For the corporate architecture, only 64% of the input power is transfered to the outputs. These computations are verified through the simulated results from ADS, as presented in Fig. 2.31. The computed results in there, are the same as in Fig. 2.30, they are normalized with respect to 0 dBW to ease the comparison between both architectures and with the simulated results. This analysis does not take into account the transitions between the feed and the slot waveguides. Consequently, higher losses are expected from the electromagnetic simulations of the feed network considering the real microstrip layout, including the line discontinuities.

Given the results of this comparison, it becomes essential to study a corporate feed for which the line losses are reduced; such is the case of the SIW technology.

For doing so, a reactive T-junction power divider as proposed in (2), is selected as the basic building block to implement the waveguide corporate feed. This splitter, illustrated in Fig. 2.32a, is often used in antenna array feed systems and is particularly convenient for planar implementations because of its low profile and the ease of adaptation to SIW technology.

The junction is made up of equal size rectangular waveguides and only the TE 10 mode is supported. The split ratio is controlled by the position and length of the septum; the return loss is minimized by the width variation of the iris. Iris and septum are formed over the total height of the waveguide. To perform the subsequent simulations, they are replaced by metal posts, as illustrated in Fig. 2.32b. In this way, the structure is easier to translate into its SIW equivalent. For unequal power division, the central post is displaced towards the output port obtaining the lowest fraction of the input power. For assembling the two-way splitters composing the power divider, 90 • bends with an inductive post are used. Such bends are also integrated to the splitters whose outputs feed directly the radiating elements, as illustrated in Fig. 2.32c. Given that the inter-element distance is only 2.1 mm larger than the waveguide width, the effect of the bends is significant on these dividers and should be taken into account during the optimization procedure. The rest of the two-way dividers are designed without the bends, given that the latter are placed significantly far from the T-junction.

The S-parameters of the waveguide splitters with ratios r 1 and r 4 (according to Fig. 2.28), are plotted in Fig. 2.33. The simulated geometries are those in Fig. 2.32b and 2.32c, respectively. The input return losses are lower than -23 dB over the whole operating band for the T-junctions simulated alone. However, the return losses increase reaching -19 dB for the last-level splitters when the bends are added. In both cases, the low matching of the output ports can also be noticed. Regarding the transmission coefficients, they remain stable with frequency. From the simulations performed, the highest power split ratio variation with frequency corresponds to the junction with the highest ratio (3.7 dB). Such variation is equal to 0.22 dB over the operating frequency band (14-14.5 GHz). A phase difference between the output signals is originated by the shifting of the central post, when unequal power division is required. Such phase difference is proportional to the post displacement and can be compensated by properly shifting the input port. Details on this procedure are provided in Appendix A. At this point, it is important to keep in mind that the phase-balance can be easily achieved; therefore, phase differences are not considered to be relevant for these preliminary simulations.

The whole corporate power divider, with the size and tapering required to feed the 16-way antenna is presented in Fig. 2.34. The simulated field distribution and S-parameters are also included.

The input return loss is lower than -20 dB over the whole frequency band. Regarding the transmission coefficients, they roughly approach the required tapering at the central frequency (14.25 GHz), as plotted in Fig. 2.34b. However, the power difference of 1 dB is not exactly achieved between adjacent outputs. Furthermore, the high variability over frequency hampers the use of the structure over the considered frequency band. Such variability is due to the lack of matching at the output ports of every junction, which was observed from Fig. 2.33. The limited output matching of the splitters located at the first levels of the divider, modify the behavior of those connected at their outputs; reflected signals propagate all over the structure, perturbing the resulting power distribution.

The feed losses are significantly reduced, with respect to the microstrip counterpart, as summarized in Fig 2 .35. An efficiency of 84% is computed at the central frequency, for the waveguide losses detailed in Table 2.8. Such computation is verified through the full-wave simulations.

Even if the feed losses are significantly reduced, with respect to the microstrip corporate feed, the instability with frequency, makes unsuitable the waveguide implementation. An additional advantage of the microstrip feed over the waveguide one is the possibility of having isolated outputs. Such capability is highly desirable to make the feed less sensitive to improperly matched components connected to the output ports.

Table 2.10 summarizes some of the simulated performances of the feeds considered for the E-plane power distribution. The series waveguide feed is not included because of its restricted bandwidth operation and the consequent difficulties to achieve the required power distribution.

The data in the table correspond to the worst case simulated over the frequency band from 14 to 14.5 GHz.

At this point, only the corporate architecture is considered for implementating the E-plane feed.

The microstrip structure, based on two-way Wilkinson power dividers, presents remarkable performances in terms of stability of the power law, port matching and output isolation. The only disadvantage with respect to the waveguide feed is the higher losses, inherent to the microstrip lines; such difference is roughly 1 dB for the 16-way antenna.

On the other hand, the instability on the transmission coefficients generated with the waveguide feed, make the choice of this technology highly questionable. Additionally, the lack of output isolation makes the divider vulnerable to the malfunctions of the devices connected to any of the outputs.

A hybrid solution combining the advantages of both technologies seems the ideal choice for such a large feed network; however, for the 16-way prototype, the losses of the microstrip feed are considered to be tolerable, so as to favor the performance and stability of the power divider. Details on the design and alternative architectures of the E-plane feed for the 32-way antenna are provided in section 3.3.

Only the choices made on the E and H-plane as well as preliminary simulations were presented in this chapter. Details on the implemented structures are the subject of the subsequent 

CONCLUSION

In the first part of this chapter, the general system specifications were defined. From such specifications and taking into account different constraints, the technical antenna requirements such as maximum gain, side-lobe level and input power density, were quatified.

In the second part of this chapter, the antenna architecture was defined using a general approach. Then, the choices made on different sub-systems and components were gradually exposed. In this way, the radiating structure and feed network were defined from an architectural and technological point of view, considering particular fabrication constraints that should be taken into account from this early stage.

Even if this chapter deals with general aspects of the antenna system, most of the work was focused on the feed network study. Several electric and electromagnetic simulations were performed to compare the performances of series, parallel and hybrid architectures. The analysis and choices made on these feeds are crucial because they determine the design and implementation of the antenna prototypes described in the subsequent chapters.

Further information regarding the non-uniform power division using SIW technology can be found in Appendix A. The material in there is the main object of publication in an international journal [START_REF] Contreras | Graphical design method for unequal power dividers based on phase-balanced siw tee-junctions[END_REF].

Chapter 3

Passive prototypes

INTRODUCTION

Given the significant complexity of the antenna required to fulfill the specifications, the consortium members agreed to implement proof-of-the-concept demonstrators so as to partially validate the different antenna functions.

The first prototype, hereafter referred as intermediate prototype, is passive and non-steerable, with reduced gain and size, equipped with a feed network architecture that can be transposed to the high-gain antenna.

In the last section of this chapter, the principles applied to the fabrication of the intermediate prototype are extended to the high-gain antenna. Particular modifications on the power distribution network are required to fulfill the specifications. 

INTERMEDIATE PROTOTYPE

RADIATING STRUCTURE

PERMITTIVITY MEASUREMENTS

Before going forward with the power distribution network design, it is important to make some comments on the substrate to be used to implement it. The substrate material selected for the radiating waveguides, the RO4003, was subject of discussion in the previous chapter.

According to the company in charge of the antenna construction, it is preferable to use the same substrate material in all the stack layers. This is advisable so as to avoid deformations during the fabrication process due to the different thermal or mechanical tolerances of the materials.

Since the electrical characteristics provided by the manufacturers are usually given for a single frequency, measurements of the relative permittivity of the Rogers 4003 were performed at the operating frequency band. Three different methods were used to extract the parameters from a 0.508 mm thick panel, using the same calibration procedure (coaxial calibration kit).

In the first method, proposed in (81), two 50 Ω microstrip lines with physical length difference ∆ p are used. The effective permittivity ε ef f is determined from the measurement of the 

ε ef f = c∆ φ 2πf ∆ p 2 (3.1)
A statistical average of the ε ef f values computed at different frequencies f can be used to obtain a more accurate estimation. Then, the relative permittivity ε r can be obtained from microstrip analysis [START_REF] Hammerstad | Accurate models for microstrip computer-aided design[END_REF]. The measured lines and transmission coefficients are shown in Fig.

3.3.

The second method to measure the substrate permittivity is the ring resonator [START_REF] Bernard | Measurement of dielectric constant using a microstrip ring resonator[END_REF]. In this case, the permittitivity can be calculated only at the ring resonant frequency. Therefore, two ε r @ 14GHz = 3.477 ε r @ 14.25GHz = 3.478 ε r @ 14.5 GHz = 3.479 

ε ef f = nc 2πf 0 r m 2 (3.2)
Finally, a measurement procedure based on substrate integrated waveguides (SIW) is used. In this case, the permittivity can be calculated over a wide band of frequencies using two pair of SIW with different side-wall distances [START_REF] Tseng | Measurement of frequency-dependent equivalent width of substrate integrated waveguide[END_REF], as illustrated in Fig. 3.5. The permittivity is related to the SIW equivalent width a and complex propagation constant γ through the equation (3.3), where λ 0 is the free-space wavelength.

ε r = λ 2 0 1 4a 2 - γ 2 4π 2 (3.3)
In this method, two pairs of SIW are required to accurately calculate the equivalent width a , which is frequency-dependent. It can be computed from the measurement of the phase constants corresponding to the SIWs with different side wall distances. In Fig. 3.6, the computed ε r is plotted over the frequency.

The results obtainted through the three methods are summarized in Table 3.1. Microstrip line 3.477 @ 14.0 GHz 3.478 @ 14.25 GHz 3.479 @ 14.5 GHz Ring resonator 3.52 @ 14.35 GHz 3.518 @ 14.43 GHz SIW 3.61 @ 14.0 GHz 3.6 @ 14.25 GHz 3.62 @ 14.5 GHz

The relative permittivity value calculated through the microstrip line method is 0.072 (2%) smaller than the value announced by the manufacturer. Almost the same difference is found through the SIW method, which is slightly higher than the announced value. The method that approaches the most to the 3.55 value, provided by Rogers, is the resonant ring. The computed value is only 0.84% smaller than the announced by the manufacturer. Given the agreement between this value and the computed results, the relative permittivity of 3.55 is used for the antenna and power feed designs. 

POWER DISTRIBUTION

In Chapter 2, preliminary studies were carried on to compare the architectural and technological options to implement the antenna power distribution system. The size of such system, made up of an E-plane and an H-plane feed, is also reduced for this intermediate prototype.

Even if the steering and amplification functions are not implemented in this demonstrator, they should be continuously considered to facilitate their integration into the subsequent prototypes.

E-PLANE POWER DISTRIBUTION

The E-plane feed is the divider used to distribute the RF input signal over the 16 waveguides making up the antenna. The power distribution weighting for the 16-way demonstrator was presented in Chapter 2. In there, it was used to simplify the evaluation of the different architectures and planar technologies to implement the feed. For practical reasons, it is illustrated again in Fig. 3.7.

The maximum power is radiated by the waveguides at the center of the array, from the waveguide number 7 to the waveguide number 10. To reduce the side-lobe level, the power decreases by 1 dB steps towards the border of the array (guides 1 and 16). Since the power law is symmetric, some of the simulated results are validated by the measurement of half-sized feeds (8-ways).

From the analysis in section 2.3.4.1, it was concluded that a microstrip corporate feed would be used for the 16-way antenna. In there, the analysis was based on circuit simulations and no electromagnetic simulations were carried on. In consequence, the layout design and the effect of the line discontinuities were not taken into consideration. In this section, the fundamental two-way splitter is designed through electromagnetic and circuit simulations. Then, the simulated results are validated through measurements. Finally, the transitions between the microstrip feed and the waveguide radiating elements are studied.

Substrate thickness

For microstrip circuit design, it is desirable to have thin substrates so as to limit the dielectric and surface wave losses [START_REF] Levine | A study of microstrip array antennas with the feed network[END_REF]. It is recommended to select the thickness around 0.02λ g , which is in this case, approximately 0.25 mm.

The RO4003 panels are available in several thickness from 0.203 to 1.524 mm; however, to ensure the robustness of a multilayer stack using this material, it is recommended to use 0.2 mm thick layers of a resin impregnated B-stage product (pre-preg) for bonding the substrates together. Consequently, the minimum thickness achievable in the stack is roughly 0.4 mm.

On the other hand, since the test circuits to validate the E-plane feed are implemented on a single substrate, some rigidity is desired to accomplish the measurements. Therefore, the thickness is slightly increased to 0.5 mm.

Finally, for the single layer circuits and for the multilayer stack, 0.508 mm and 0.308 mm thick panels are respectively used.

Basic two-way power divider

The fundamental building block of the E-plane feed network is a two-way power splitter. The layout design begins with a basic power divider which is gradually modified until becoming the modified Wilkinson used for the circuit simulations carried on in Chapter 2 [START_REF] Parad | Split-tee power divider[END_REF]. Different simulation methods and tools were compared and validated through measurements.

First of all, the performance of every junction shape is evaluated considering the input matching and the stability of the transmission coefficients over the frequency. At this point, the output matching and isolation are not taken into account. The splitter and design equations used in this analysis are included in Fig. 3.8. In there, the power split ratio is K 2 ; the input and output characteristic impedances are Z 0in , Z 01 and Z 02 , respectively. The simplest layout to implement this divider is illustrated in Fig. 3.9a. Similar to a waveguide T-junction, the input matching is achieved through the septum etched on the junction. This configuration is mostly convenient for equal power division. Otherwise, the different width of the quarter wavelength segments gives rise to discontinuities as illustrated in Fig. 3.9b. To reduce this effect, the shape of the junction is modified to a kind of 'Y' for which the aperture angle θ, as illustrated in Fig. 3 A set of splitters was implemented in order to validate the designs and the available measurement means. Simulations were also performed on the method of moments simulator Momentum by Agilent.
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The splitter implemented to provide a power difference between the output ports equal to 3 dB is illustrated in Fig. 3.11a. Three different types of connectors were used for the measurements.

In Fig. 3.11b, the measured transmission coefficients are plotted. With the connector models referenced as 1 and 2, significant variations over the measured frequency band are obtained, which does not agree with the simulation, plotted in Fig. 3.11c. To ease the comparison, the measurements done with the connectors referenced as 3 are also plotted on Fig. 3.11c. Good agreement is observed between these and the HFSS simulations, which match also with the expected power ratio. On the other hand, the split ratio obtained from the Agilent's planar electromagnetic simulator Momentum is 0.36 dB larger than the expected result. This difference comes from the fact that the radiation losses, different on each way of the divider, are not taken into account by this EM solver.

The measured and simulated return losses are plotted in Fig. 3.11d. In there, the differences between the results obtained from the two electromagnetic simulators are not remarkable.

On the other hand, a strong impact on the measurements is observed to come from the connectors of type 2. As for the transmission coefficients, the measurements performed using the connectors type 3, fit better to the simulated results.

Several measurements of other microstrip splitters with different power ratios were done. The preference of the connectors of type 3 is confirmed, due to the stability of the measurements over the frequency and their agreement with the theoretical results. Regarding the simulation tools, the expected power split ratios are systematically obtained through the full wave simulations carried on HFSS.

These implementations made it possible to validate the performance of the splitters designed with the suggested geometry. However, such splitters do not provide output port matching, nor isolation between them.

In order to illustrate the importance of the isolation, an example is provided in Fig. 3.12. In there, the E-plane power divider is assembled by using the basic splitters with the suggested geometry. The simulated transmission coefficients are plotted in Fig. 3.12a for the condition of perfectly matched ports. The required weighting is satisfied with a maximum error of 0.18 dB between consecutive outputs over the frequency band of interest (14 -14.5 GHz).

The transmission coefficients S(P 01 , P in ) to S(P 08 , P in ), are plotted in Fig. 3.12b when the return losses at the output port P 08 vary from 2 to 30 dB. The impact on the transmission coefficients S(P 09 , P in ) to S(P 16 , P in ), not plotted, is less significant, due to their higher isolation with respect to P 08 . Such isolation is only due to the feed geometry.

From Fig. 3.12, it is clear that low matching at one of the output ports can strongly impact the performance of the whole structure. To overcome this disadvantage, the splitter design should be modified so that the output ports are sufficiently isolated. 

power split ratio

Improved two-way power divider design In order to obtain output isolation and also matched outputs for the same characteristic impedance, two additional quarter wavelength line segments and a resistive element are added to the basic power divider presented in the previous section. The design is the same used in section 2.3.4.1, where it was simulated using ideal transmission lines without any discontinuity effect. In order to ease the reading, the structure and design equations are presented in Fig. 3.13

Considerations on the isolation resistor and simulation methods

The isolation resistor is placed at the intersection of the quarter wavelength line segments; therefore, the layout should be modified so that the isolation element can be integrated. For doing this, two methods are considered. The first one is to use an SMD (surface mounted device), small with respect to the guided wavelength, so that it can be considered as a lumped element.

The second alternative is to integrate the resistor in planar technology, which can be done by laminating to the substrate a film of an RCM (resistor-conductor material). Both possibilities, as well as the most suitable simulation method for each of them, are explored in this subsection.

Regarding the surface mounted devices, they are commercially available in standard packages.

Taking into account the size of the packages, the distance between the outputs at the quarter wavelength segments junctions is selected. Such distance, illustrated in Fig. 3.14, is fixed to 1.5 mm, which is compatible with the SMD packages 0603 and 0402. Furthermore, according to the studies presented in section 2.3.4.1, this separation is large enough to prevent coupling between the lines when these are shorter than approximately 12 mm, which is the case.

The geometry of the input line bifurcation is the same as for the basic splitter, presented in the previous section. The line segments are bent so that the 1.5 mm separation distance is obtained for any line width. The segments with impedances Z 3 and Z 4 are implemented as straight lines.

As in the previous chapter, circuit simulations using ideal lines are performed to determine the quarter wavelength parameter, so that the minimum return losses are obtained at 14.25 GHz.

For doing this, the power divider to obtain the largest split ratio required to implement the E-plane feed (3.68 dB) is simulated. The circuit and S-parameters are illustrated in Fig. 3.15a for a quarter wavelength equal to 2.8 mm. This simulation does not take into account any line discontinuity, which explains the perfect matching and power division obtained. The only purpose of this simulation is to determine an initial value for the quarter wavelength parameter so as to design the splitter layout. Then, such layout is used to obtain more accurate results through electromagnetic simulations. For doing so, several possibilities are explored.

The planar electromagnetic simulator Momentum is used to obtain a model of the splitter layout, including a couple of internal ports to connect the isolation resistor. Then, the generated model is used in a circuit simulation so as to integrate the resistance, which is an ideal lumped component, convenient to minimize its impact on the splitter response. The simulated structure and S-parameters are plotted in Fig. 3.15b.

The power split ratio is 0.36 dB larger than the required one, which is not surprising, given the results from the previous basic splitter simulations. The port matching levels are in agreement with typical values for this type of circuits. On the other hand, the obtained isolation between the output ports is significantly strong due to the use of an ideal resistor.

In order to compare several simulation tools, the same layout was analyzed through full wave simulations performed on HFSS. To integrate the isolation resistor, two approaches were taken. The first one uses a 'Lumped RLC' boundary, as illustrated in Fig. 3.16a. In the definition of the boundary, only the resistance value is modified so as to model an ideal resistor. The transmission coefficients for both outputs are lower than those obtained from the Momentum simulation. This is due to the fact that the full wave simulations take into account the radiation loss of the microstrip lines. The power split ratio has slightly reduced, which reduces also the difference between the simulated and expected values. Regarding the return loss, the minimum value is obtained at 14.5 GHz, which makes 0.25 GHz difference with respect to the results from the circuit simulation. This suggests that the length of the quarter wavelength segments should be re-tuned through EM simulations.

The second approach to integrate the isolation element in the full wave simulation is in line with one of the possibilities described at the beginning of this section, to physically implement the resistor. It is, by using a resistor-conductor material (RCM). The characteristics of a commercially available material were used to design the elements and to obtain the approximative resistance value. The selected material is the TCR by Ticer Technologies, which is available for sheet resistances from 25 to 1000 Ω/sq.

In the simulation for which the results are presented in Fig. 3.16b, a resistivity of 100 Ω/sq is used to design the isolation element. However, the value of the resistance is approximative, due to the modification of the rectangular geometry so as to fit the layout. The impact of such modification was observed to be negligible when compared to the impact of modifying the microstrip lines.

The power split ratio obtained from this forth simulation method matches exactly to the expected result. Regarding the return loss, the minimum is shifted, as in the previous case, towards higher frequencies, in this case 14.6 GHz. The output matching levels are in good agreement with those issued from the EM-circuit co-simulation (ADS). Regarding the output isolation, it can be observed that the results are more realistic than those simulated with ADS. This is explained by the substitution of the ideal resistor by a precisely defined element with a finite resistivity value. Regarding the output matching, the results are in good agreement with those obtained with the Momentum simulation.

Similar simulations were performed for the rest of the power splitters required to implement the E-plane feed. As defined in Chapter 2, the required power differences between the output ports are equal to 0 dB, 1 dB, 1.47 dB and 2 dB. The split ratios obtained through the HFSS simulations integrating the resistive layer were the most accurate with respect to the theoretical results for every splitter.

Before validating the simulations through measurements, it is convenient to simulate the whole power feed. In this way, the quarter wavelength parameter of the two-way splitters can be retuned according to the 16-way feed results . This is supposed to be necessary because of the previous simulations in which, the minimum return loss is shifted with respect to the design frequency, once the basic blocks are connected.

To simulate the 16-way power feed, illustrated in the Fig. 3.17, only two of the four previously exposed methods are used. The method providing the split ratio that agrees the best with the theoretial results is the full wave simulation with the RCM material to integrate the resistances.

The planar EM -circuit co-simulation on ADS is also carried on.

The transmission coefficients plotted in Fig. 3.18a and 3.18b, show that, through both simulation methods, the feed weighting is achieved with variations of 0.2 and 0.3 dB at the central frequency. However, the power levels issued from ADS are approximately 2 dB higher than those from HFSS, due to the lack of estimation of the microstrip radiation loss.

The output matching obtained from both simulation is quite similar, as shown in Fig. 3.18c and 3.18d.

According to the HFSS simulation (Fig. 3.18c), good input matching is obtained at three different frequencies over the simulated band, it is, around 12.8, 13.9 and 15.9 GHz. However, at the operating frequency band (14 -14.5 GHz), the return losses rise significantly. To overcome this issue, the length of the quarter wavelength segments making up each of the two-way splitters is fine-tuned so as to obtain minimum return losses at 14.25 GHz. From the figure, it can be observed that the best input matching is obtained around 15.9 GHz, then it is preferable to increase the length of the line segments making up the splitters, so as to set the minimum close to the operating frequency.

Full wave simulations were performed to minimize the return losses over the whole operating band. The length of the quarter wavelength segments was set to 3.4 mm, which is equivalent to an increase of 17.6%. The transmission, matching and isolation of the optimized structure are presented in Fig. 3 Figure 3.12: Isolation effect on the E-plane corporate feed; a. feed layout; b. transmission coefficients for matched outuputs; c. transmission coefficients when port P 08 is not perfectly matched. Implemented power dividers with surface-mounted resistances (SMD) Every two-way and four-way power divider making up the feed was implemented separately to validate the EM simulations. Surface mounted resistances with nominal value of 100 Ω were used as isolation element at every splitter. Some of the implemented circuits are presented in Fig. 3.20.
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Figure 3.20: Test circuits with surface-mounted isolation resistors used to validate the EM simulations

For every circuit, the measured S-parameters were compared to the simulated ones and good agreement was found between them. These measurements, considered as intermediate results are not provided in this document. Only those concerning the validation of the whole E-plane feed are plotted.

Given the symmetry of the power divider, the design can be validated by implementing half of it. The realized eight-way feed is shown in Fig. 3.21. The simulated and measured S-parameters are compared in Fig. 3.22.

Regarding the transmission coefficients, plotted in Fig. 3.22a, good agreement is observed between the measurements and the HFSS simulations at the lower part of the measured frequency band, specially for the five ports with the highest level of power (P 9 to P 5 ). For the other three output ports (P 2 to P 4 ), larger differences are noted, specially in the upper part of the operating band. The reduction in magnitude of the transmission coefficients above 14.4 GHz is due to the decrease of the measured input matching as shown in Fig. 3.22b.

Regarding the ADS results, the simulated transmission coefficients are significantly stronger than the measured ones, which, as explained before, is due to the fact that the radiation losses are not inluded in the Momentum simulation. However, the trends between these simulations On the other hand, the input matching from the HFSS simulation is rather flat all over the frequency band and presents higher return losses than those measured around 14.2 GHz. This can be explained by the difference between the required isolation resistance value and the one obtained through the geometry represented in HFSS. Indeed, the simulated resistances are integrated through a layer of resistive material with a non-rectangular shape to fit the layout. This results in an impedance lower than 100 Ω (See Appendix B). Furthermore, metallic pads are added to the measured structure to weld the isolation resistances (SMD), modifying the layout of every splitter. These differences not only impact the input matching but also the isolation between the ports and the output matching.

Concerning this latter and according to both simulation methods, the output matching is very similar for all the ports. This is due to the fact that all the simulated resistances have almost identical characteristics. The ideal resistors from the ADS library model very well the SMD ones, which makes the measured results to match better with the co-simulation than with the HFSS results. This is illustrated in Fig. 3.22c, where, for the sake of simplicity, only the best and the worst results are plotted. The measured output matching at port P 4 is in excellent agreement with the ADS co-simulation, but it is not the case for the port P 9 . This difference is explained by the fact that the real resistances are not identical (tolerance up to 10%) and are welded in a non-reproducible manner.

Regarding the isolation between the output ports, only the parameters corresponding to the adjacent outputs, issued from the same splitter, are plotted in Fig. 3.22d. These cases represent the lower isolation levels; higher isolation exists between any other couple of output ports. One more time, the measurements are in good agreement with the ADS simulations; isolation levels above 20 dB are achieved between adjacent ports over the whole operating band. According to the results obtained from both simulation methods, the transmission coefficients are in phase. The maximum variation measured between them in the operating frequency band was 20.5 deg.

From these results and those previously exposed in section 3.2.2.1, it is concluded that precise simulations of transmission coefficients can be obtained from full wave simulations on HFSS. Conversely, for port matching and output isolation, the most realistic results are obtained through the ADS EM-circuit co-simulation, even using ideal lumped resistances.

In order to better represent the implemented circuit, an equivalent model of the resistance was studied. The model, tuned to fit the measurements of the resistances used in these circuits is represented in Fig. 3.23. In the same figure, the real and imaginary components of the measured and simulated impedances are plotted over a wide frequency band. It should be noted that the equivalent model is tuned to better fit the measurements at the operating frequency band from 14 to 14.5 GHz. The proposed representation of the resistor includes a series inductive effect and a capacitive parallel component. Additionally, the welding and the metal pad effects are represented by an inductor and a capacitor connected in series and in parallel, respectively, to the resistance network.

Prior to integrate the equivalent model on the eight-way power feed, several simulations were performed using it on two-way splitters. The equivalent circuit with and without the welding effect is used in co-simulation (ADS) with the layout, including and not including the metal pads. The simulation results of the splitter with power ratio equal to 3.68 dB are compared in Fig. 3.24.

The significant difference between the measured and simulated transmission parameter S(2,1) is due to the under-estimation of the microstrip losses on Momentum (ADS). This was observed The simulation providing the results in less agreement with the measurement, is the one carried on using the layout with the metal pads and the equivalent model with the welding effect. This can be explained because the pad effect is included twice, in the layout and also in the equivalent model.

On the other simulation performed with the equivalent circuit including the welding effect, the metal pads were removed from the splitter layout. The results are very similar to those issued from the simulation with a perfect resistor; however, it is less precise than this latter when compared to the measurements.

The simulation that agrees the best with the measurement is the one performed with a layout including the metal pads in which the equivalent model, does not include the welding effect. This can be explained by the fact that reproducing the welding effect of the circuit used to characterize the resistance is impossible, since it and those integrated in the feed were welded using a soldering iron. The next step for improving the simulation procedure was to include the metal pads on the seven splitters making up the eigth-way power divider. Such layout was used on a co-simulation in which the ideal resistance were replaced by the equivalent circuit proposed, without the welding effect. The impact of these modifications on the simulated transmission coefficients is lower than 0.2 dB over the operating frequency band. Therefore, it is not worth to plot them again in this document, given the similarity of the results with those in Fig. 3.22a.

Finally, the convenience of the tapering generated by this feed is determined by the antenna performance when it is used to feed the radiating elements. Therefore, the impact of the differences between the measured power law and the theoretical one is evaluated by generating the antenna radiation pattern; such results of this study are provided in section 3.2.3.

Implemented power dividers with planar resistor technology (PRT)

The other alternative considered to implement the isolation elements is using planar resistor technology (PRT). Such process uses a thin film of resistor-conductive material (RCM), in general, a metal alloy foil laminated to the substrate, which makes it possible to realize the power dividers with embedded resistors. The resistors are processed through standard PCB techniques, as explained in Fig. 3.25, from Ohmega Technologies (3). The procedure, called subtractive, is based on two prints. The first one contains both, the conductors and resistors. From this mask, the second one, containing only the resistors, is subtracted to expose the RCM material at the desired areas.

The resistors are easily designed through the equation (3.4), where R s represents the sheet resistance in ohms per square. The resistance value is determined by the sheet resistance and its geometry.

R = R s

Length of resistor Width of resistor (3.4)

For the implementations presented here, a sheet resistance equal to 100 Ω/sqr is used. The required resistance values for the two-way splitters vary from 100 Ω to 109.4 Ω. Consequently, the area is almost squared in all cases. Nonetheless, to avoid the modification of the splitters layout and to make the resistors to fit into them, they are"T-shaped".

The fabricated structures are presented in Fig. 3.26. The circuits at the top and bottom of the figure are used to measure the resulting resistance values. Since the two-way and four-way splitters are segments of the eight-way feed, the results obtained from their measure do not provide any additional information to the current analysis. All of the resistance values are around 14 Ω lower than expected, which is not only due to the shape variation but also to the tolerance of the resistive material. Additionally, the company in charge of the realization has limited experience using high resistive foils (R s > 25 Ω/sqr) and implementing non-rectangular planar resistors. The measured resistance values were used to update the simulated structure and to make a more accurate comparison.

The implemented power divider, including the split ratios and the expected difference between consecutive outputs, is presented in Fig. 3.27. The simulated and measured S-parameters are presented in Fig. 3.28.
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1.47 2 The measured transmission coefficients in Fig. 3.28a, are not significantly different from those obtained from the power divider with surface-mounted resistors. The only difference is observed for the three coefficients with the lowest power levels, which are more stable over the frequency in the planar resistor technology (PRT) feed. This can be explained by the welding influence and by the differences on the lumped resistors used in the SMD feed. These issues are eliminated when using planar resistor technology.
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Regarding the measured phase of the transmission coefficients, the most significant difference between them in the operating frequency is of only 8.5 • , compared to the 20.5 • obtained with the surface-mounted resistors implementation.

The measured and simulated input matching are in good agreement, as illustrated in Fig. 3.28b. The minimum level of return loss is achieved with the PRT implementation; however, the input matching bandwidth (-20 dB) is not improved with respect to the SMD feed. Regarding the output matching, the best and the worst cases are plotted in Fig. 3.28c. The dynamic range on this parameter is reduced with respect to the SMD implementation, which is explained by the reproducibility of the resistor integration. However, in both cases the matching levels are similar.

The isolation level between adjacent outputs is also comparable between the two implemented feeds. In Fig. 3.28d, it is noted that all the measurements show isolation higher than 20 dB, in spite of the reduction of the resistance values.

From these results, excellent agreement was verified between the full wave simulations of the proposed power feed and the measured results with PRT technology. Through these simulations, it was also verified that the reduction of the resistance values, going from 10% to 14%, has negligeable impact on the feed performance. Given the similarity of the performances achieved with the PRT and SMD power dividers, other factors condition the choice of one of the two evaluated technologies. The main advantages of PRT are the increase of circuit density, the elimination of components to be assembled and the consequent reliability improvement. The drawbacks are the high cost of the substrate (including the resistive layer) and the increase on the PCB procedure complexity. The latter point becomes more critical when it is considered that the antenna is made up of four substrate layers.

On the other hand, implementing the feed with SMD resistances is a simple and low-cost method that can be improved by using alternative welding methods, allowing reproducible results. Additionally, the feed position on one of the external faces of the antenna stack makes negligible the advantage of compactness proper to the planar resistors, which are indispensable on internal stack layers.

With the design and simulation methods validated, the 16-way feed layout is modified to obtain the inter-elmement distance between the adjacent outputs (10.5 mm) imposed by the SIW width. The layout and S-parameters are presented in Fig. 3.29 and 3.30 

MS to SIW Transitions

After validating the E-plane power divider design, this section deals with the study of the transitions to feed the radiating elements. For doing this, inter-substrate microstrip-SIW transitions are required. Two different structures, presented in Fig. 3.31, are considered.

The transition in Fig. 3.31a is based on a via hole placed at approximately a quarter-wavelength from one of the waveguide sides. This transition is proposed in [START_REF] Suntives | Transition structures for EBG waveguide-based interconnects[END_REF], where only parametric studies are used to accomplish the design. Given that the antenna is made up of several substrate layers, special attention should be paid to the via holes required all over the structure. The fabrication of blind holes is a delicate process for which the minimum diameter is usually limited by the substrate thickness. Furthermore, the process to fabricate them can impact the layers adjacent to the one with the blind hole. These limitations make it important to evaluate the convenience of the via hole transition before going forward with its study. Such evaluation is done by analyzing the transition sensitivity to two parameters: the via hole radius and the size of the gap etched in the metal layer between the two substrates (Rh and d vg in Fig. 3.31a). The results of this analysis for a Ku-band transition are provided in Fig. 3.32.

The full wave simulations show a significant sensitivity of this type of transition to the fabri- cation tolerances and limitations. Besides, the requirement of a blind hole to integrate it on the antenna stack, makes this choice less attractive than a slot transition similar to the one presented in Fig. 3.31b.

The energy is coupled from the microstrip line through an aperture etched on the metal layer between the substrates. A widely used aperture, relatively simple to analyze is a thin slot with ratio wide/length greater than 10. The microstrip line extends approximately one quarter of a wavelength beyond the slot position. Such microstrip segment acts like a tuning stub for impedance matching between the two guided media.

Given the calculation time and required to perform full wave simulations, it is desirable to set the initial parameters, so that acceptable input matching levels be met. To this end, an electrical model for the inter-substrate microstrip-to-waveguide slot transition is proposed.

The proposed model is based on the studies published by Das [START_REF] Das | Generalized multiport reciprocity analysis of surface-to-surface transitions between multiple printed transmission lines[END_REF], for the analysis of surfaceto-surface transitions between arbitrary combinations of printed transmission lines. Among the cases studied by Das, an equivalent circuit was proposed to represent a microstrip-toslotline transition, which is illustrated in Fig. 3.33. The magnetic coupling is represented by a transformer.

The particular case in which the lines cross at a right angle is considered in [START_REF] Gupta | Microstrip Lines and Slotlines 2nd Ed[END_REF]. Furthermore, an equivalent model, originally proposed in [START_REF] Chamber | Microwave active network synthesis[END_REF], is provided for the case in which the lines are terminated at a quarter wavelength beyond their cross-point, as presented in Fig. 3.34.

Merely ending the slot creates a short end, so the port 2 in Fig. 3.33 is replaced by a short circuit. Similarly, the interruption of a stripline gives rise to an open end, and the port 3 in Fig. 3.33, is substituted by an open circuit.

The significant amount of magnetic energy stored around the short end of a slotline is represented by an inductive reactance (89; 90; 91). However, a more accurate circuit model includes a series resistance representing the losses due to the propagation of power in the form of surface waves and radiation [START_REF] Yang | A dynamic model for microstrip-slotline transition and related structures[END_REF]. On the other hand, the open end of a microstrip line is represented by an excess capacitance, which can be transformed into an equivalent length of transmission line, a convenient representation for circuit design [START_REF] Hammerstad | Microstrip Handbook[END_REF]. The equivalent circuit proposed in [START_REF] Chamber | Microwave active network synthesis[END_REF] for the transition in Fig. 3.34 is illustrated in Fig. 3.35. The corresponding equations are grouped in (3.5) in accordance with the line and substrate parameters as presented in Fig.

3.33.

Even if this model was originally developed for printed lines, it is transposable to other guided media. The reason is that Das [START_REF] Das | Generalized multiport reciprocity analysis of surface-to-surface transitions between multiple printed transmission lines[END_REF], in his analysis, represents the transmission lines by using their propagation constants, characteristic impedances, eigenfields or eigencurrents. Then, it is feasible to use this model for transitions including rectangular waveguides, by associating to them the appropriate impedance and propagation constant.

For the cases under study, only the fundamental mode TE 10 in a rectangular waveguide is considered. The associated impedance is defined by (3.6) in terms of the power P and the voltage V .

Z wg = |V | 2 /2P (3.6)
The rectangular slot is considered as a slotline that is short-circuited at both sides. The susceptance component Y slot , representing the stored energy of the field near the slot, can be computed through the equation (3.7) [START_REF] Himdi | Analysis of aperture-coupled microstrip antenna using cavity method[END_REF]. In there, Z s and k s represent the slotline

Strip above substrate

Slot below substrate impedance and wavenumber, respectively.

λ s /4 λ m /4
Y slot = - 2j Z s cot k s L s 2 (3.7)
Given the non-TEM nature of the mode in the slotline, the impedance Z s can not be uniquely defined and the power-voltage relationship in equation (3.6) is the most frequently used [START_REF] Janaswamy | Characteristic impedance of a wide slotline on lowpermittivity substrates (short paper)[END_REF]. The closed-form expressions obtained by curve fitting in [START_REF] Cohn | Slot line on a dielectric substrate[END_REF] are used for calculating the slotline impedance Z s and wavenumber.

The equivalent circuit proposed to represent the microstrip to rectangular waveguide transition through a rectangular slot is illustrated in Fig. 3.36.

Two modifications were done to the Chamber model ( 88) from Fig. 3.35. The first one is the substitution of the reactance X 0s due to the shorted slotline by that of a rectangular slot; the second one is the use of the waveguide impedance characteristic for the TE 10 instead of that of the microstrip line. The expressions for the impedances and return loss coefficient associated are grouped in (3.8). The power-voltage impedance definition in (3.6) is used for calculating the rectangular waveguide impedance Z wg .

The transition to be designed couples the 50 Ω microstrip E-plane feed output to the SIW making up the H-plane feed. By using the equivalent circuit proposed in Fig. 3.36, the reflection coefficient ρ is evaluated for several slot sizes (varying length and width) at the central frequency. The microstrip stub is slightly shorter than a quarter of the guided wavelength. As presented in Fig. 3.37, the input matching performances achieved for the evaluated slot dimensions are not satisfactory enough. Besides, for these substrate conditions, the slot width does not significantly impact the input matching.

To get better results, the stub length is varied over a wide range, from λ/6 to λ/2.25.
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Figure 3.35: Equivalent and reduced circuits for the transition in Fig. 3.34.
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Figure 3.36: Proposed equivalent circuit for the microstrip to waveguide slot transition.

input matching was computed for slot widths going from 0.3 to 1.5 mm using 0.1 mm steps.

In order to validate the results computed by using the equivalent circuit here proposed, full wave simulations were performed on the electromagnetic simulator HFSS. The results from both methods are compared in Fig. 3.38 for three different slot lengths (6, 7 and 8 mm) and two different slot widths (0.3 and 1 mm).

Even if there are a few dB difference between the input matching levels obtained with the two methods, the trends are quite similar for the two sets of curves.

It is to be noted that several approximations were done to compute the results issued from the proposed electrical model, limiting its precision. For instance, the open and short ends of the slotline and microstrip line are represented as lossless. Additionally, empirical expressions were used to compute the inductive and capacitive reactances of the slotline and the microstrip line discontinuities. The purpose of the model is to set a preliminary design and make easier and faster the evaluation of the impact of the different parameters, by using, for instance, an electric circuit simulator. According to the computed return loss, the best input matching performance is achieved for a 0.3 mm wide and 8 mm long slot, when the stub length is close to λ/3. Using these parameters, full wave simulations are performed to evaluate the frequency response, the overall radiation losses and also to fine-tune the transition. Figure 3.39 presents the results for the rectangular slot transition with an optimized length of 8.4 mm and stub length of λ/2.7; the slot width remains 0.3 mm.

The input matching reaches -22 dB at the central freqency and remains better than -17.5 dB over the whole frequency band (14 -14.5 GHz). Even if these results are satisfactory, it is still possible to improve the transition performance, by modifying the aperture shape and keeping some of the design parameters found through the electric circuit computations.

In [START_REF] Pozar | Improved coupling for aperture coupled microstrip antennas[END_REF], the dogbone aperture, which is a rectangular slot augmented with loading slots at each end, is proposed. The author analyzes the transverse field distribution and demonstrates that a dogbone can be made about 30% shorter than a rectangular slot, for the same level of input impedance. This reduces the back radiation, and consequently, improves the transition efficiency. The simulated performances for the dogbone aperture and the geometry details are included in Fig. 3.39b.

By using the dogbone aperture, the input matching level significantly improves. This is explained as follows. In the case of the slot transition, the transverse electric field, completely decreases at the slot ends, which can be represented by a cosine distribution. On the contrary, the dogbone transition, limits such discontinuity on the transverse slot ends and the electric field distribution is more uniform over the slot length. This is illustrated in Fig. 3.40. The circuit model analysis developed here is still useful for estimating the stub length and the slot width, which are the same for the two aperture shapes.

The test-circuit designed to validate the operation of the dogbone transition is shown in Fig. 3.41. Three screws are used to assembly the substrates during the measurements.

Such screw-fixing does not make it possible to obtain perfect contact between the two copper layers making up the microstrip ground and the SIW upper metal layer. This explains the additional losses observed during the measurements, as shown in Fig. 3.42. In spite of this, the evolution over frequency of the measured and simulated S-parameters is in good agreement.

The phase difference between the output ports is very close to π/2, as expected.

In order to improve the transition performance, the circuit should be assembled by using a thin electrically conductive adhesive layer. 

H-PLANE POWER DISTRIBUTION

According to the electromagnetic simulations performed by the IETR, weighting on the H-plane is not required to respect the first side-lobe level imposed by the regulation. Consequently, the power distribution is uniform between the two sub-waveguides forming a single row. This is convenient from the viewpoint of complexity reduction sought on this former implementation.

In section 2.3.4.1, it was concluded that a corporate SIW feed is the most convenient choice to distribute the power between the sub-waveguides. Since only two sub-waveguides make up a row of the intermediate demonstrator, the H-plane feed is made up of a single waveguide, as illustrated in Fig. 3.43. The H-plane divider is center-fed from the microstrip circuit; then, the input signal propagates towards the transitions placed at each side of the guide. Each transition, etched on the metal layer between the substrates, makes it possible to couple half of the input power to each of the radiating waveguides. The feed guide has the same transversal section as the slot waveguides.

Feed point (MS--SIW transition) SIW--SIW transition for equal power split

To study the waveguide-to-waveguide transition, the structure is simplified as shown in Fig. 3.44. As in the previous analysis on the microstrip-to-SIW transition, to facilitate the theoretical analysis, a rectangular aperture is considered. Because the coupling is magnetic, the slot is placed at approximately a half of the guided wavelength from the waveguide short circuits.

The equivalent circuit proposed for this transition is presented in Fig. 3.45, for which the equations defined in (3.9) apply. As for the microstrip-to-SIW transition, the energy coupled between the waveguides is represented by a transformer and the energy stored near the slot is computed using (3.7). The impedance of the rectangular waveguide Z wg is defined in terms of power and voltage through (3.6). The waveguides are terminated by perfect short circuits.

X slot = 1 Y slot R = n 2 Z wg X 2 slot Z 2 wg + X 2 slot X = n 2 Z 2 wg X slot Z 2 wg + X 2 slot ρ = R -Z wg + jX R + Z wg + jX (3.9)
The reflection coefficient ρ is evaluated for different slot dimensions at the central frequency, The equivalent circuit model represents the influence of the slot parameters on the input matching. However, it does not include any resonant behavior of the structure, which seems to be the most significant difference with the full wave simulation results.

An empirical relationship was originally suggested in [START_REF] Slater | Microwave transmission (A Dover book[END_REF], for determining the resonant frequency of a rectangular aperture centered in the transverse plane of a rectangular waveguide. The resonant frequency f r is related to the slot length L s , the slot width W s and the guided wavelength in the waveguide λ g as follows:

f r = c 2L s √ ε r 1 + 2aW s bλ g 2 (3.10)
In Fig. 3.47, the resonant frequency of the three slot lengths is plotted as a function of the slot width. The width at which each of the slot is resonant at f c (0.55, 1 and 1.38 mm for the three slot lengths considered) do not exactly match the minimum return losses obtained through the full wave simulations (0.7, 1.5 and 1.9 mm). However, the trend is maintained and the equation (3.10) seems to capture the resonant behavior of the aperture.

To improve the proposed equivalent circuit by including the slot resonance, an LC network is added. The resonant frequency of the aperture f r is made equal to the resonant frequency of the series LC network, and the LC product is calculated as LC = 1/(2πf r ) 2 . Figure 3.48 presents the modified circuit; the corresponding equations are grouped in (3.11). 
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The equality of the slot and the LC network resonant frequencies makes it possible to calculate the LC product, then infinite solutions for L and C are possible. One can assume either, the inductance or the capacitance value. However, the calculated return loss, which depends on the LC network impedance, is different for every L or C that is assumed. Figure 3.49 presents the results obtained with the equivalent circuit in Fig. 3.48 for an inductance L = 0.5 nH.

The results are considerably improved with the introduction of the LC network; however, some differences remain when compared to the results obtained through electromagnetic simulations. This is justified, as previously mentioned, by the difference between the resonant frequencies calculated by the Slater approximation and those obtained with full wave simulations. In spite of such differences, the proposed circuit model represents well the transition, making it possible to establish the initial parameters for subsequent optimizations.

The transition performance over the frequency is evaluated through full wave simulations.

From the curves obtained through the equivalent circuit, good input matching is achieved with a 7 mm long and 1.15 mm wide rectangular slot. On the other hand, according to the HFSS simulations, similar input matching is obtained for a slot with the same length and roughly 25% wider, it is a 1.5 mm wide slot. The reflection and transmission coefficients, issued from full-wave simulations, of both slots are compared in Fig. 3.50.

For both slots, the input matching and transmission coefficients are quite similar. These results validate the circuit model proposed here as a method to establish preliminary transition designs that can be further improved through electromagnetic simulations.

The H-plane power divider is made up by 3 inter-substrate transitions: a dogbone (microstripto-SIW) and two slot transtions (SIW-to-SIW), as the ones analyzed in the previous paragraphs.

The structure is optimized to improve the input matching by fine-tuning the aperture and stub parameters. Rectangular waveguides are used instead of SIWs to reduce the simulation time.

The H-plane feed coupled to the radiating elements and the details of the optimized transitions are shown in Fig. 3.51.

The simulated input matching is shown in Fig. 3.52. It is observed that, after optimization on the two kinds of inter-substrate transitions, the input matching is better than -10 dB over the whole operating band (14 -14.5 GHz).

Loss analysis

The losses due to the inter-substrate transitions were calculated through EM simulations. Excluding the linear losses of the microstrip and the SIWs, the transfer losses are lower than 0.1 dB for both, MS-to-SIW and SIW-to-SIW transitions.

The most significant losses of the H-plane power divider are the propagation losses of the SIW.

Using the waveguide length and the losses per unit length from Chapter 2, an attenuation of 

FEED NETWORK INTEGRATED TO THE RADIATING ELEMENTS

The most appropriate way to evaluate the power distribution network performance is by integrating it to the radiating elements. In this way, the power tapering generated with the E-plane feed is validated.

The radiation patterns for three different methods to feed the slot waveguides were simulated at the IETR. In the first case, perfectly matched wave ports are manually set according to the theoretical tapering and the reference diagram is generated.

The second feed method is by coupling the energy through the designed dogbone transition. For doing so, short microstrip lines for which the weighting is manually set are used. The diagram generated in this way, makes it possible to evaluate the back ratiadion impact of the dogbone transitions.

Finally, the third diagram is generated by including the whole E-plane feed made up of microstrip lines, which introduces higher radiation losses. A view of each of the structures is presented in Fig. 3.53.

The H-plane radiation diagrams generated for the three feed methods are plotted in Fig. 3.54a. In order to compare the side lobe level increase, all the diagrams are normalized. The diagram used as a reference presents a maximum side lobe level of -28 dB. Then, for the case in The increase of the lobes around ± 130 • confirms that they are due to the dogbone backradiation and to the E-plane feed radiation. The simulation of the E-plane feed alone, makes it possible to establish that approximately 11% of the input power is radiated.
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A new simulation of the radiation pattern was carried on by shielding the back-side of the antenna, so as to eliminate the influence of the back radiation. A perfect conductor material was placed far enough (8.5 mm, roughly 3λ/4) from the E -plane feed; the simulated diagram is plot in red in Fig. 3.54b.

Integrating a back shield at such a distance is not feasible because of the height antenna constraints. An alternative to this is the use of an absorbent material placed closer to the E-plane feed. The absorbent can be installed on the internal side of a metal support similar to an antenna package. The structure is presented in in Fig. 3.55.

In order to determine the minimum distance h at which the absorbent can be placed without degradating the E-plane feed performance, full wave simulations were carried on. The electrical properties and available sheet thickness t of the absorbent FM8 by Kolektor (98) were used. It was determined that the power weighting generated by the feed is preserved when 1 mm thick sheets of FM8 are placed at 4 mm from the substrate. No additional losses are induced with this configuration. In the E-plane radiation pattern, the impact of the feed network integration is very low, an increase of only 0.8 dB on the side lobe level is observed.

It should be noted that the back radiation issue can be solved by using strip lines instead of microstrip lines for the E-plane feed design. This possibility was considered but the difficulties to integrate the beam-forming network components (phase shifters, power amplifiers, attenuators) and the isolation resistors, made the selection of the absorbent more practical, at least for this intermediate prototype. Additionally, in Chapter 2 it was noted that a power divider entirely made up of microstrip lines presents extreamly high losses for the final antenna prototype and that a hybrid SIW-MS solution seems necessary. Therefore, the back radiation is likely to decrease for the final antenna implementation. 

STACK DEFINITION

This section provides a brief description of antenna fabrication procedure. Aside from the panel size, there are several aspects that condition the antenna design, architecture and performance.

The feasibility and size of the via holes depend on the position in the stack of the substrate(s) in which they are implemented. For instance, the aspect ratio between a blind hole diameter and the substrate thickness should not be lower than 0.9. This means that 1.38 mm diameter blind hole is the smallest that can be realized on a 1.54 mm thick substrate. Additionally, the means used to fabricate this type of holes should also be considered. When the laser fabrication is not possible due to the number of holes or to any other reason, it is necessary to drill the holes. In this case, the drill-bit can partially penetrate to the adjacent substrate layer, modifying the structure and eventually, impacting the performances.

As for the blind holes, another factor that depends on the fabrication sequence, is the printing precision. The printing tolerance depends on the copper thickness, which is variable from one layer to another, according to the number of the electrolytic copper baths at which it is exposed. The electrolytic baths are used by the company in charge of manufacturing the antenna (99), for via hole plating.

To precisely define the stack and fabrication sequence, the SIW version of the structure in Fig. The fabrication sequence was validated by the company in charge of the antenna fabrication. They provided the expected and maximum drill-bit penetration (100 µm) for the fabrication of the V 2 vias. This information was used to evaluate the impact on the radiation pattern. A maximum increase of the SLL equal to 4 dB was confirmed by the IETR. This degradation on the performance made it necessary to modify the sequence in such a way that no blind holes are required.

The solution adopted was to replace the blind vias V 2 by a copper wall. Such wall is implemented by extracting (milling) a slice of substrate 2, then using laser cleaning and finally, filling it with copper. The modification to the process is illustrated in Fig. 3.58. The details on the final stack, hole sizes and copper layers are provided in Fig. 3.59. A 3D-view of the prototype is shown in Fig. 3.60
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The proposed stack is transposable to the final antenna prototype, which requires an additional substrate layer to implement the H-plane (1 → 4) feed. Regarding the beam-steering and power amplification functions, via holes in the substrate 1 are necessary to integrate the required components.

MEASURED PERFORMANCES

The fabricated antenna, made up of three substrates and four metal layers is presented in Fig. 3.61. The two external layers can be observed. The radiating or upper side contains the slot waveguides (3.61a). On the bottom side, the microstrip E-plane power divider with surface mounted resistances can be observed in Fig. 3.61b.

The reflection coefficient measured at the input of the fabricated antenna is presented in Fig. 3.62. A frequency shift of 0.23 GHz is observed between the measured and the simulated
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Subs results. This shift represents 1.6% of the central operating frequency, which is in the range of the typical differences that can be found between the theory and the implemented prototypes.

The fabrication tolerances of every printed metal layer cumulated with the alignment tolerance of the three substrates may result in input matching shifting of up to 2% of the operating frequency. An increase of the overall matching level is also observed, which can be only attributed to the fabrication tolerances of the multilayer stack, given that every component was previously individually fabricated and tested.

The radiation pattern measurements were performed by the IETR staff in one of the anechoic chambers at the Rennes laboratory. The H-plane radiation pattern was measured for the highest, lowest and central frequency of the operating band, as plotted in Fig. 3.63a. The most significant increase of the measured SLL with respect to the simulation is observed to reach 5 dB (Fig. 3.63b) at 14 GHz.

Regarding the E-plane, the measured SLL is 3 dB higher than the simulation at the central frequency (14.25 GHz), as shown in Fig. 3.64a. Finally, in Fig. 3.64b the antenna gain is plotted over the frequency. The two measurements correspond to the same antenna before and after soldering the isolation resistors (SMD) of the E-plane power divider. A very low influence of such elements is observed on the antenna performance. The gain obtained at the central frequency is 24.1 dB, which is is 1.1 dB lower than the simulated gain. 

HIGH-GAIN PROTOTYPE

As detailed in Chapter 2, the antenna aperture is made up by 32 waveguides with 64 radiating slots each one. Every waveguide, also referred as a row, is divided into four sub-waveguides, each one with 16 radiating elements. A sketch of aperture is presented in Fig. 3.65. In Chapter 2 it was also explained that for this aperture, tapering is required in both, the E-plane and the H-plane feeds in order to keep the side-lobe level (SLL) under the regulatory limits.

16-slot sub-waveguide

E-PLANE FEED

As for the reduced-gain prototype, the required power law to feed each of the radiating elements is provided by the IETR. The tapering to be generated with the E-plane feed is shown in Fig. 3.66.

The maximum power is radiated by the center waveguides numbered 16 and 17 and it decreases progressively towards each of the sides, following a Taylor distribution.

As for the intermediate prototype and according to the previous analysis, a corporate architecture is considered. Since the power law is symmetric with respect to the central radiating waveguides, the design is reduced to a 16-way non-uniform power divider. The feed is mirrored and a uniform power divider is used to connect the two parts as illustrated in Fig. 3.67. The power ratios necessary to obtain the required power law are indicated in the same figure. The microstrip Wilkinson power divider used in the previous implementations presents several advantages such high isolation between outputs, excellent port matching, ease of implementation and the possibility to provide arbitrary power ratio. However, this latter advantage is practically limited by the PCB technology when the split ratio becomes significant.

In these cases, one of the λ/4 segments of the Wilkinson becomes too thin and the other one, too wide to be implemented on the same substrate. This inconvenient may be overcome by using particular patterns on the ground plane, so that the transmission line impedance can be locally modified [START_REF] Yang | Analysis and application of coupled microstrips on periodically patterned ground plane[END_REF]. However, this technique significantly complexifies the design and its integration is not compatible with the multi-layer application of this case of study.

In consequence, achieving the power split with ratios r 1 = 6.72 dB and r 3 = 4.98 dB becomes very difficult with microstrip lines. The proposed solution is to use SIW T-junctions, as described in Appendix A, for the implementation of such splitters.

It is convenient to use the same structure for the splitter with ratio r 2 , which is at the same level of r 3 , so as to keep the balance of the phase and the transmission loss. The rest of the two-way power dividers are Wilkinson with isolation resistors, as used in the reduced-gain prototype. Figure 3.69 shows the 32-way feed structure and zooms the phase-balanced SIW splitters.

Because of the feed symmetry, only 16 of the 32 transmission coefficients are shown in Fig. 3.69a. The variation over the frequency is due to the limited matching at the output ports of the SIW splitters. In spite of such limitation, the simulated power law is significantly close to the expected one, as can be observed from Fig. 3.69b.

The simulated return losses are minimal for 14.3 GHz, reaching -40 dB as presented in Fig. 3.70. On the other hand, the output matching is slightly degradated with respect to the The most suitable way to validate the tapering generated with the designed feed is by simulating the radiation pattern. The S-matrix is used as input data for the simulation tools used by the IETR. The resulting radiation patterns are shown in Fig. 3.71. In there, it can be noticed that the side lobe level remains under -27 dB. This is valid for the whole band of operation, from 14 to 14.5 GHz.

The dieletric and radiation losses introduced by this power divider are approximately 3.6 dB; metal losses are not included in this calculation. A way to reduce the overall losses is to extend the hybrid approach of this design by replacing the MS lines connecting the first, second and third level splitters by SIW. A loss reduction of more than 1 dB can be obtained with this modification. Frequency (GHz) 

H-PLANE FEED

The specifications of the H-plane feed required to obtain the radiation pattern characteristics were presented in section 2.3.4.1. To ease the reading, the power required to be radiated by each slot is presented also in Fig. 3.72. From there, it is observed that the four "subwaveguides" making up an antenna "row" should be fed in a non-uniform fashion. The non-uniform power division required at the intermediate layer of the feed can be implemented through a rectangular slot, as analyzed in section 3.2.2.2 and charged with an inductive post as shown in Fig. 3.74a.

The via hole is integrated in the lower substrate to modify the effective width of the waveguide seen from the transverse plane at the slot level towards the output port P 3 . In this way, the power transferred towards the output port P 2 , without any obstacle to the propagated signal, is higher than that transferred towards P 3 .

Inter-substrate slot

Via hole (subs. The power split ratio between the output ports depends on the y-axis via position, identified by v y in Fig. 3.74a. The closer the via is to the guide side-wall, the lower the impact on the effective waveguide width and the lower the power difference between the output ports. The most significant impact of the parameter v x is the input matching control.

The via diameter was fixed to the minimum value achievable considering particular fabrication constraints. Of course a smaller via leads to a lower power split ratio for a given v y offset with respect to the waveguide center.

The initial values for the slot width (w slot ), length (l slot ) and position (d slot ) were determined as indicated in section 3.2.2.2. A parametric analysis was used to estimate the via offset v y so as to obtain the required power ratio of 6.5 dB. Then, an optimization procedure was run to fine-tune the rest of the parameters.

The simulated performance of the optimized transition is shown in Fig. 3.74b. The power split ratio variation over frequency is only ± 0.25 dB over the 500 MHz band of the antenna operation. It should be noticed that the introduction of the via hole leads to a phase imbalance between the output signals. Such imbalance can be compensated by a slight variation on the position of the slots at the last level of the divider so that the radiating waveguides are excited in phase. The distance can be easily calculated as explained in Appendix A.

The designed transition was integrated to complete the four-way feed design, which is illustrated in Fig. 3.75. In there one can notice the three substrates making up the structure. The short pink guides at the extremes of the feed are just used to measure the transfer coefficients; the radiating waveguides would be in that positio. The simulated S-parameters are presented in Figure 3.76. The input return loss is better than -14 dB over the whole operating frequency band an reaches values lower than -25 dB around 14.3 GHz. Regarding the transmission coefficients, they are relatively stable over the frequency band with a split ratio that is preserved even in the higher edge of the band, around 14.5 GHz.

The stack definition and fabrication sequence defined in Chapter 3 for the reduced-gain an- tenna can be transposed to the final prototype, which requires an additional substrate layer to implement the 1 → 4 H-plane feed. The final prototype stack should also include via holes in the substrate on which the phase shifters and power amplifiers are integrated.

CONCLUSION

The architectural and technological choices exposed in Chapter 2, have taken shape in Chapter 3 by means of several implementations going from particular sub-system components to a passive antenna prototype.

Such implementations made possible to validate and sometimes, modify the design, fabrication and measurement procedures to obtain the required performances. Similarly, the results obtained with several computer-aided design tools were compared with the measurements so as to deduce which of the tools would be the most adapted to the considered configurations.

The intermediate-gain antenna demonstrator was implemented to verify the expected results regarding the radiation pattern and input matching when the different sub-systems, individually validated, are assembled in a multi-layer structure.

The intermediate-gain demonstrator was implemented in such a way that, in spite of the technological constraints, the principles and architecture can be transposed to the high-gain prototype presented in the last section of this chapter.

The integration to the antenna of the beam-stearing and power amplification functions are subject of study in the following chapter.

Chapter 4

Beam-stearing and power amplification functions

INTRODUCTION

The antenna EIRP (equivalent isotropically radiated power) density required to achieve the specified data rate, was calculated in section 2.2.6.2; however, to reduce the complexity of a first demonstrator, no power amplifiers were integrated to the intermediate prototype described in the previous chapter. The beam-forming network making it possible to electronically point the antenna pattern in the elevation plane was not included either.

This chapter deals with the integration of the beam-steering and power amplification functions to the antenna. Such integration considers both, the intermediate prototype with reduced gain (16-way antenna) and the 32-way high-gain antenna.

Finally, the degradation of the antenna performance due to power amplifier failures is analyzed in the last section of this chapter.

BEAM-FORMING NETWORK AND POWER AMPLIFICATION SYSTEM ARCHITECTURE

In order to electronically steer the radiation pattern in the elevation plane, a phase difference should be introduced between the signals feeding each of the radiating waveguides in the E-plane. Given the non-uniform power distribution in such plane, the most practical way to introduce such phase difference is using one phase shifter per waveguide.

The position of the phase shifters, with respect to the radiating elements and to power amplification system, depends on the type of phase shifters and also on the amplification scheme. Regarding this latter, several configurations are possible. They can be classified into two main categories: centralized and distributed amplification.

In Fig. 4.1 a centralized and two types of distributed amplification systems are illustrated. In Fig. 4.1a, only one power amplifier is used to provide the required transmission power. This architecture, apparently simple, presents several drawbacks. The output power of the power amplifier is too high because it should not only provide the required radiated power but also it should compensate the overall losses. According to the computations in section 2.2.6.4, 15 dBW power should be provided by the power amplification system when the antenna gain is 35.5 dBi. Nevertheless, the insertion losses introduced by the beamforming network and by the E and H-plane feeds should be taken into account. According to the results from section 3.3, these losses are higher than 4 dB.

A single SSPA (solid state power amplifier) is not able to provide such a high power at the operating frequency. Nonetheless, if it was the case, the cooling system required to keep the temperature at the operating conditions would be either, very complex complex and expensive or extremely bulky.

Additionally, in case of failure of the power amplifier, the whole system would go out of service and the communication would be totally interrupted. To avoid this, a second amplifier could be installed in tandem, which makes the cost and bulkiness to increase. One more inconvenient of the centralized configuration is the need of phase shifters able to handle high input power levels, which are not compatible with the level of integration pursued in this application.

Distributed power amplification, as presented in Fig. 4.1b, makes it possible to reduce or eliminate the issues of a centralized scheme. Several options are possible and the choice of the most adapted depends on the application constraints and on the commercially available products (power amplifiers and phase shifters).

The use of several amplifiers allows the antenna performance to gracefully degrade in case of failure of one or more active devices. Besides, the thermal management complexity is significantly reduced because the heat is distributed over a larger surface. In general, the lower the output power, the smaller the amplifiers, which eases their integration. For all these reasons, distributed amplification is preferred.

It should be noted that GaN technology was considered as the best option to provide the required power levels with the additional advantage of reducing the dissipated power, due to the lower currents required by these devices. Unfortunately, at the time the survey was made, only GaN HEMT (High-electron-mobility transistor) were commercially available at the required frequency band.

It is not in the scope of this project to design the phase shifters, power amplifiers, attenuators or any other electronic component required to perform the beam-forming functions. Only commercially available products are considered to implement the different prototypes. Details on the selection of these components are provided in the subsequent sections.

PHASE SHIFTER SELECTION

A constant phase difference (δ) between consecutive elements is required to point the mainbeam in a particular direction. The elevation range to be covered is from 0 • to 60 • .

The relation between the inter-element phase difference (δ) and the main-beam direction can be deduced from the array theory [START_REF] Mailloux | Phased Array Antenna Handbook, Second Edition (Artech House Antennas and Propagation Library)[END_REF]. Considering the radiating elements characteristics, the computed results are presented in Fig. 4.2.

From Fig. 4.2, it is observed that a wide dynamic range (from 0 • to almost 160 • ) is required from the phase shifters. Table 4.1, summarizes the characteristics of the commercially available phase shifters operating in the required frequency band, at the time the survey was made (summer 2012).

There are only three devices operating around 14 GHz for which bids and reasonable delivery times were obtained. The selection is done considering the insertion losses and the control mechanism. The analog phase shifter, which requires only one pin for phase control, is preferred to simplify the device control and integration. Additionally, for this type of elements there is no minimum phase step, which makes the HMC932LP4E, the most suitable option for this application.

Regarding the position of the elements, the low input power of the phase shifter forces to perform this function prior to the power amplification. Therefore, one power amplifier and one phase shifter are required per radiating waveguide, as illustrated in Fig. 4.3.

POWER AMPLIFIER SELECTION

In order to define the required power amplifier characteristics, the EIRP calculations in Chapter 2 are used. In there, it was estimated that 50.5 dBW EIRP are necessary to provide the link with the required data rate. Then, taking into account the antenna input power density limitation, the antenna gain and the input power were found to be 35.5 dBi and 15 dBW, respectively. Since 15 dBW are equivalent to 32 W and the antenna (final prototype) is made up of 32 radiating waveguides, power amplifiers providing around 1 W plus the feeds intrisic losses (per way) are required. This rough estimation simplifies the E-plane tapering, for which power amplifiers with different output power would be required.

Regarding the H-plane feed, the design proposed in Chapter 2 is presented again in Fig. 4.4. The total feed length is approximately 180 mm, from the dog-bone transition to each of the feed points of the slot sub-waveguides. Using such length and the inter-substrate transition losses estimated in section 3.2.2.2, the attenuation due to the H-plane feed is approximately 2 dB. The E-plane feed losses for the 32-way prototype was provided in section 3.3.1. In there, it was explained that the estimated losses of 3.6 dB could be reduced by more than 1 dB extending the use of SIW to replace some of the MS lines conecting the splitters. Therefore, 2.6 dB are used as an estimation of the E-plane feed losses. Such a high levels of ohmic and dielectric losses are actually the main limitation of large printed arrays. The reduction of efficiency with the increase of the size is accentuated when corporate feeds are used. Since the eighties, this well-known issue has been studied in several publications (85; 101; 102).

Feed point transition for equal power division radiating slots transition for non uniform power division

Taking into account the estimated beam-forming network losses, power amplifiers with outuput power from 32 to 38 dBm are considered. The commercially available components operating between 14 and 14.5 GHz , at the time the survey was made (summer 2012), are grouped in Table 4.2. Given the significant number (16 and 32) of power amplifiers to be integrated in the antenna prototypes, packaged components are preferred. If MMIC were used, several bondings per circuit would be necessary, which greatly complicates the antenna assembly.

Another important characteristic to select the power amplifier is the package size. The surface for the component integration on the antenna is limited by the inter-element spacing in the E-plane, which is 10.5 mm. These two restrictions narrow the choice to five of the listed power amplifier models, for which the saturation power is in the range from 32 and 34.5 dBm.

Even if such power levels are lower than those necessary to achieve the specified data rate, it is agreed to pursue the design with such components. The ease of the integration makes the amplifier characterization more reliable and reduces the dispersion between the 32 ways of the antenna. Additionally, using 'on the shelf components' has the added benefit of freeing up time and resources of the project to deal with other aspects related to active circuits such as thermal management.

Two power amplifiers were selected to evaluate their electrical and thermal performances. One is the HMC965LP5E by Hittite, with 34 dBm saturation power and 27 dB gain. The second one is the TGA2503-SM by Triquint. The saturation power of this latter is 2 dB lower than that of the Hittite; however, the drain current is half of that required by the Hittite component, which is an interesting feature that eases thermal management.

The measured performances of the power amplifiers and phase shifter are detailed in the following sections.

COMPONENT CHARACTERIZATION

The phase shifter and the power amplifiers selected for this application are integrated in quad flatpack no-lead (QFN) plastic packages, as shown in Fig. 4.5. The QFN are low-cost and low-profile packages allowing the circuit to be surface-mounted on the PCB. An exposed lead-frame is used to connect the component to the ground plane through via holes. A sufficient number of via holes should be used between the top and bottom ground planes. The reason is that, between the ground planes, there is not only an electrical connection, but also the thermal pad to evacuate the heat dissipated by the circuit.

PHASE SHIFTERS

According to the manufacturer, the HMC932LP4 phase shifter provides a continuously variable phase shift from 0 to 390 degrees with a typical phase error of ±10 • . The phase shifter is controlled via an analog voltage from 0 to 13 volts. In order to verify the characteristics announced in the data-sheet, the test board shown in Fig. 4.6a was implemented. To get an idea of the dispersion of this model, three phase shifters were measured. The transmission and input matching characteristics as function of the control voltage are plotted in Fig. 4.6b. Low dispersion is observed between the phase of the transmission coefficients and between the insertion losses of the three components. Higher variability is observed for the return losses. Low input matching, from -8 to -9 dB is observed for control voltages around 1 and 6 volts.

By performing several measurements and assembling additional cards with layout modifications, it was observed that most of the variations in the measurements were due to issues in the soldering process. Indeed, the integration of QFN components is not simple and ensuring perfect contact over the whole lead-frame is very difficult without using soldering masks.

After changing the soldering method, new measurements were performed; they are summarized in Fig. 4.7. The phase shift as function of the control voltage is compared with the data from Hittite in Fig. 4.7a. Good agreement is observed between the measurements and the manufacturer data; the offset between the curves is due to the use of different reference plans.

The measured insertion loss are presented in Fig. 4.7b. High variability is observed as function of the control voltage, which is in agreement with the characteristics announced by the manufacturer. It is typical of the varactor-based phase shifters to present different insertion losses and input matching for different phase states. This is an issue for the current application because the E-plane tapering is affected when the main-beam is steered in the elevation plane.

possible to validate the board design and the assembly technique used to integrate the phase shifters. Low dispersion was observed between the different boards measured in this last round.

POWER AMPLIFIERS

As for the phase shifters, several test boards were designed and implemented to characterize the two power amplifiers chosen for this application. Given that they were implemented at the same time and using the same procedures as the phase shifter boards, similar defects affected the IC soldering. Actually, among the fabricated boards, only a small percentage worked as expected. In some cases, the power amplifiers could not be turned-on or could not be controlled; in other cases, they showed unstable behavior resulting in permanent oscillations.

Since the source of the problem remained unknown for a while, several modifications were done to the layout for trying to solve the issue. The appropriate electric contact between the power amplifier ground plane and that at the bottom of the substrate could not be verified at the naked eye. Figure 4.8b shows an improved layout for the HMC965 power amplifier test board.

TGA2503 MEASURED PERFORMANCE

In order to obtain the power characteristics, the 1-dB compression point and the saturation power, the testbed shown in Fig. 4.9 was used. A signal generator provides input power levels from -10 to 2 dBm to the power amplifier. The signal is attenuated by 4 dB before being injected to the power amplifier. This latter is mounted on a aluminum block for heat sinking, as shown in the picture. A thermal paste is used to improve the thermal contact between the board and the heat sink.

Constant attenuation of 6 dB is applied to the power amplifier output; then, the signal is measured using a spectrum analyzer taking into account the cable losses. The measured gain, output power and drain current at the central frequency 14.25 GHz are plotted in Fig. 4.10. From Fig. 4.10a, it can be observed a maximum gain of 32.44 dB, which corresponds to a small signal measurement. This value is in agreement with the 32 dB gain announced by the manufacturer. On the other hand, the 1-dB compression point is measured around 25 dBm, which is significantly lower than the 32 dBm of saturation power announced by Triquint.

In Fig. 4.10b, the drain current is plotted as a function of the input power. The current announced in the data-sheet for the bias condition (600 mA) agrees with the measurements for low input power levels and it raises when the input power increases. However, the maximum measured values are by far under the maximum level announced by Triquint when the amplifier is under RF drive (1200 mA).

The same measurements were performed on other test boards and similar results were obtained. Consequently, it was concluded that the linear zone of operation of this amplifier is restricted to output power levels noticeably low (25 dBm) with respect to this application requirements.

HMC965LP5E MEASURED PERFORMANCE

The same testbed described in the previous section was used to measure the saturation power, gain and drain current of the second amplifier selected. Additionally, the heat sink and the amplifier temperature were registered through a thermocouple as shown in Fig. 4.11. In order to prevent the impact of the temperature increase over the measurements, a DC fan was placed close to the test board for additional cooling. The output power, gain and drain current were measured twice. The first time, right after putting into operation the amplifier; the second time, 15 minutes later. The measurements are presented in Fig. 4.12.

The results show that the temperature is stable under the cooling conditions used. The power and gain obtained in both cases are so close that they can be considered to be the same. Pin (dBm) Pout (dBm), G(dB), T(°C) Pout @ t_0 sec T_heat_sink Gain @ t_0 sec Pout @ t_900 sec Gain @ t_900 sec Pin (dBm)

Ids (mA)
Ids @ t_0 sec Ids @ t_900 sec (b) Figure 4.12: Measured performances of the HMC965 power amplifier at 14.25 GHz; a. gain and output power; b. drain current.

In Fig. 4.12a, the measured gain and output power at the central frequency (14.25 GHz) are presented. The maximum gain, measured for the lowest input power, is 25.5 dB, which is 1.5 dB under the gain given in the data-sheet.

The output power at 1-dB compression is measured around 29.2 dBm, which is almost 3 dB under the value announced by the manufacturer. This difference may come from a matching issue due to the discontinuities on the RF paths; consequently, special attention was paid to this possible cause during the design of the subsequent layouts. Nevertheless, additional measurements would be required to confirm this hypothesis. Regarding the saturation power, the measurements did not go beyond 30.5 dBm due to the significant increase of the drain current with respect to the announced value (1200 mA), as shown in Fig. 4.12b.

It should be noted that these results were obtained after improvement of the soldering process and the board layout. Similar measurements were carried on at the lowest and highest frequencies of the operating band. They are summarized in Fig. 4.13.

For the three measured frequencies, similar behavior and close performances are observed.

A maximum gain degradation of 2 dB is measured at 14.5 GHz, leading to a consequent reduction on the saturation power. It should be noted that several circuits were measured and no significant differences were observed.

In order to explain the differences found between the measured performances and those announced in the data-sheet, small signal measurements were done. The S-parameters are presented in Fig. 4.14 for two temperature conditions. They correspond to the states on and off of the DC fan used to cool the circuit, leading to plastic package temperatures of 43 • C and 73 • C, respectively.

In Fig. 4.14a, a gain reduction of around 2.4 dB is observed at the middle of the operating frequency band, which is explained by a matching degradation, according to Fig. Pout @ 14,25 GHz Pout @ 14 GHZ Pout @ 14,5 GHz Id @ 14,25 GHz Id @ 14 GHz Idt @ 14,5 GHz response is observed for both temperatures.

Given that the board footprint must be reduced so as to fulfill the inter-element spacing constraints, further investigation on the amplifier performances is deferred to the simplifiedboard measurements.

The layout of the power amplifier and all the elements required for its bias control should be designed to fit within 10.5 mm, which corresponds to the width of the radiating SIW. The capacitors for bias control are grouped and placed at each side of the RF lines so as to use a minimum number of components. This can be better visualized in Fig. 4.15a and 4.15b, where the original and the simplified schematic diagrams are compared. It should be noted that the original design is in agreement with the manufacturer recommendations.

In spite of this arrangement, the surface constraint can only be satisfied by slightly shifting the power amplifiers of adjacent waveguides, as illustrated in Fig. 4.15c. The green lines represent the DC access and the RF output is easily identified in the figure because it crosses over the dog-bone transition, etched on a lower metal layer.

The power amplifier characteristics measured when using both boards are compared in Fig. through coplanar lines as in the evaluation board.

Table 4.3 provides an overview of the relevant power amplifier parameters measured with the different circuits.

Even if improvements of the transitions between the RF lines and the amplifier pins are required, the results presented in this section are a good basis for the integration procedure of the power amplifiers to the active antenna. Pin (dBm) Pout (dBm), G (dB) Pout @ 14,25 GHz Pout @ 14 GHZ Pout @ 14,5 GHz G @ 14,25 GHz G @ 14 GHz G @ 14,5 GHz 

ELECTRONIC BEAM-STEERING

As previously explained, the beam-steering in the elevation plane is performed through the insertion of a constant phase difference between the signals feeding each of the radiating waveguides. For doing so, the phase shifters characterized in section 4.3.1 are used.

The S-parameters were measured for 12 control voltage levels within the range from 0 to 12 volts. A polynomial function is used to model the phase of the transmission coefficient as function of the control voltage, so that this latter can be easily deduced to obtain any phase shift required. The measured and approximated curves are presented in Fig. 4.19. This model is used to control the phase shifters so as to perform the beam-steering in the elevation plane. 

BEAM-FORMING NETWORK

To validate the beam-former operation, the phase shifters are integrated to the eight-way power divider previously designed for the reduced-gain (16-way) antenna. The circuit is presented in Fig. 4.20a. Figure 4.20b shows the transmission coefficients measured when all the the phase shifters are set to the best matching state, which is around 9 volts. In the same figure, the signals corresponding to the power divider without the phase shifters are included for comparison. From there, it can be deduced that the insertion loss for that particular state (control voltage = 9 V) are around 3.5 dB, as expected from the initial measurements in Fig. 4.6b. The most significant difference is noticed for S(3,1), with lower losses (around 3 dB). The direct impact of the different device performances is the modification of the power law. In Fig. 4.20b, it can be observed that the desired power difference of 1 dB between consecutive transfer coefficients from S(2,1) to S(8,1) is disturbed. Nevertheless, this is the best-case scenario in terms of power law degradation, given that all of the phase shifters are set to the same state. To obtain any beam-steering, every phase shifter should be set to a particular state, introducing different losses and consequently, degrading the power law. Additionally, the output matching also depends on the phase state, which modifies the coupling between the PS and the PA for an active antenna or between the PS and the radiating elements in the case of a passive prototype.

Differences on the components performance are inherent to the fact that they are not identical, even if they belong to the same fabrication series. This kind of issues can only be addressed through elaborated and costly calibration systems specifically designed for the application (33; 103).

To overcome this issue, most of the phased array implementations use two methods. On the one hand, the implementation of a customized circuit integrating the phase shifting, power amplification and eventually, attenuation functions, in such a way that the output signal is provided with the required amplitude. The different insertion losses related to every phase shift state can be compensated by an automatic gain control (AGC) power amplifier or alternatively, by a variable attenuation level at the PS output of at the PA output. From a technical point of view, this solution is the most adapted for phased arrays with the characteristics considered in this document. The main drawbacks are the significant cost and time required for a customized development of these characteristics.

The second method to compensate for the different phase shifter losses is the introduction of variable attenuators. This alternative is significantly cheaper compared with the previous one, with the disadvantage of lower efficiency and increased footprint. Even though, it is an interesting way to address the issue if the additional losses do not significantly impact the antenna performance. Table 4.4 summarizes some characteristics of commercially available variable attenuators likely to be used on this application. Two analog signals used to control the devices make it possible to achieve significant attenuation ranges, which is not particularly necessary for this application. Indeed, the attenuator only intends to compensate the variable phase shifter losses, which vary from 3 to 5.5 dB.

Since the input and output matching depend on the attenuation level, the values included in the table correspond to the worst-cases, which are the states with the highest input and output return losses. The low insertion and return losses make the TGL4203-SM and the HMC812LC4 the most interesting options for the current application. Even though, the possibility of including these attenuators in the beamforming network is discarded due to the difficulties to integrate them in the available surface, limited by the radiating waveguides width and restricted by the integration of the PS and the PA.

In consequence, it was decided to evaluate the beam-steering capabilities in spite of the power law modification. The only impact of such modification should be the increase of the side-lobe level, depending on the pointing direction.

BEAM-STEERING MEASUREMENTS

Given that the implemented beam-former is only eight-way, two different set of measurements are required to obtain the S-parameters corresponding to the reduced-gain antenna (16-way). First, the eight phase shifters are set as required for the upper half of the 16-way feeder. Once the measurements are completed, the phase shifters are set in such a way that they correspond to the lower part of the feeder. Then, the whole set of measured parameters is used as input for the radiation pattern simulation. This procedure is illustrated in Fig. 4.21.
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V ctrl1 [S] assembly The theoretical calculation of the radiation pattern (E-plane) implemented in Matlab, is shown with blue lines. For comparison, the radiation with the non-disturbed power law is also computed and showed in green dotted lines. Finally, the results obtained with the finite element It is observed that the beam is pointed at the expected elevation angles, which validates the operation of the beam-forming network. The expected side-lobe level increase due to the disturbed power law is also quantified; it reaches -13.5 dB for the highest elevation angle (60 • ).

STEERABLE ANTENNA

A second prototype of the reduced-gain antenna was implemented to include the beam-steering function. The radiating elements and power distribution system in both E and H planes are as described in Chapter 3. The stack definition is also very similar to the previous implementation, with the only difference being the blind holes required in the substrate that contains the MS circuit as shown in Fig. 4.23. Such holes are necessary to integrate the phase shifters to the E-plane power divider. It can be observed that the return losses are lower than -10 dB over a frequency band of 1 GHz (7%) for all the elevation angles. These measurements are in good agreement with the expected results and show significant improvement with respect to input return loss measured on the non-steerable prototype presented in Chapter 3. Indeed, the shape of the input matching of the non-steerable antenna in Fig. 3.62 is similar to the one presented in Fig. 4.26 for 0 • but with a difference of around 5 dB in magnitude. The simulated data plotted in there corresponds to the condition for which the E-plane tapering is as required to keep the SLL under regulatory limits. Given the variable PS losses, this condition is only satisfied for an elevation angle of 0 • . Even though, it is observed that for such an elevation, the measured side lobe level is higher than that expected from simulations. Given that less important differences were obtained for the radiation pattern measurements performed on the non-steerable prototype presented in Chapter 3 (Fig. 3.63b), they might be explained by the inaccuracies reported from the fabrication process on the layers making up the radiating elements or on the alignment between this latter and the H-plane feeder.
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According to the fabrication report, the maximum copper layer thickness initially guaranteed for this prototype are exceeded. This implies that the printing tolerances over the different layers may be exceeded. Since it is very difficult to verify and quantify the impact of this miss-conformity, the antenna measurements are the only method to evaluate, somehow, the quality of the implementation.

More details on the radiation pattern at different frequencies as well as the maximum antenna gain can be found in [START_REF] Tekkouk | Développement d'antennes multifaisceaux et multicouches fort gain de la bande Ku à la bande V[END_REF]. The same document provides information on the antenna 

THERMAL MANAGEMENT

Given the number of power amplifiers (PA) required to provide the antenna with the necessary transmit power, a significant amount of energy is dissipated as heat. This is especially so because of the typically low efficiency of power amplifiers.

In order to obtain proper electrical performance and reliability of the microwave modules, the heat should be dissipated keeping the component temperature under the limits specified by the manufacturer. Additionally, temperature gradients across the array are another issue to be properly addressed since RF phase shift is temperature dependent.

During the measurements carried out to characterize the PA, the test cards were attached to an aluminum block for heat sinking and a DC fan provided additional cooling. However, such temporary configuration was not specially dimensioned to fulfill the particular heat sinking and antenna geometry requirements.

In order to find a viable solution, the problem should be quantified so as to formulate technical specifications for an adapted thermal control system. A model to quantify the heat sinking requirements should be established.

BASIC PRINCIPLES ON THERMAL MODELING

In electronic packages, heat transfer is accomplished through three mechanisms: conduction, convection and radiation [START_REF] Taine | A first course in heat transfer[END_REF].

The relationship between conduction heat transfer rate and temperature gradient is given by Fourier's Law in equation (4.1).

q A = k dT (x) dx (4.1)
where q is the heat flow rate in W , A is the cross-sectional area through which the heat passes in m 2 , k is the thermal conductivity of the material in W/m • K, and T (x) is the temperature in Kelvin at position x.

Regarding convection heat transfer, it is a complex phenomenon that sometimes can be simplified by supposing that air flows in parallel layers around the structure. This is known as dominant laminar flow and can be modelized by a stagnant thermal layer around a structure with very simple geometry that follows Fourier's law.

Actual overall convection heat transfer is much more complex because of the turbulent flow of fluid and the local surface temperature-dependency of the convection coefficient h in (W/m 2 • K). This coefficient also depends on the geometry of the surfaces and the thermophysical properties of the fluid. Generally, convection heat transfer phenomena are described by Newton's Law in (4.2).

q A = h(T s -T a ) (4.2)
where T s and T a are the surface and the ambient temperature, respectively, both in Kelvin.

Convection heat transfer is divided into natural and forced convection. In the former case, the fluid around the warmer surface expands and rises, so the cooler fluid is drawn close to the surface. On the other hand, forced convection is externally induced by pushing the local heated fluid.

The third mechanism of heat transfer is radiation, which does not require a material medium. Every object transports heat energy in the form of electromagnetic waves. In the case of a small object in a large surrounding area, the net heat transfer can be calculated by equation (4.3).

q A = εσ(T 4 s -T 4 a ) (4.3)
where ε is the emissivity of the surface, σ is the Stefan-Boltzmann constant (5.67•10 -8 W/(m 2 • K 4 )), T s is the temperature of the emitting surface and T a is the surrounding temperature, both in Kelvin.

The chip-set of the power amplifiers selected for this application is based on Gallium Arsenide (GaAs). GaAs has very good dielectric properties at microwave frequencies but poor thermal conductivity. For this reason, manufacturers recommend thermal computations and simulations to provide the chips with adapted thermal environment, from the die-attach to the package assembly.

At the chip level, there are two thermal sources. The main one comes from the transistor (FET) active channels; the second one is due to the resistive layers implemented on the circuit. The device lifetime and performance mainly depends on the channel temperature T c of the transistors, which must be maintained as low as possible.

The thermal power P c dissipated by the transistor channel and the Power Added Efficiency (PAE in %) are defined by the set of equations (4.4). where P dc is the DC power consumption of the transistor junction, P RF In and P RF Out are the input and output RF power injected to and delivered by the transistor, respectively.

Another part of the thermal energy is dissipated in the chip is due to the Joule effect through the resistive metal layers (106), this dissipated power P R is defined by equation (4.5).

P R = R • I 2 (4.5)
where R is the conductor resistance and I is the current flowing through the resistor. Then, the total dissipated power at the chip level can be calculated through equation (4.6).

P dissipated = channels [P c ] + resistors [P R ] (4.6) 
At the transistor level and for a non-rigourous analysis, each transistor constituted by N identical channels, can be considered as a single hot spot decoupled from other transistor's hot spots. The dissipated power P T of one transistor can be estimated by assuming that the same power is dissipated by every channel, as in equation (4.7)

P T = N • P c (4.7)
The channel temperature T c of the component can be approximated through equation (4.8)

.

T c = (P T • θ thGaAs ) + T b (4.8)
where θ thGaAs is the thermal resistance equivalent to the semiconductor layer under the transistor and T b is the chip back-side temperature. In the case of the PA selected for this application the maximum channel temperature T c is 150 • and the semiconductor thermal resistance is 7.3 • C/W.

PACKAGED POWER AMPLIFIER THERMAL MODEL

The power amplifier model selected for this application is available in a QFN plastic package as shown in Fig. 4.28a. Heat conduction processes can be modeled by an equivalent electric circuit made up of resistive and capacitive elements [START_REF] Marz | Thermal Modeling of Power-electronic Systems[END_REF]. Even though, in this case the model is limited to the resistive elements, which are the most significant for the required purposes. The equivalences between the electrical and thermal variables are listed in Table 4.5.

In order to calculate an equivalent electrical model making possible to calculate the temperature at each point of the structure, the thermal resistance θ th of every layer can be calculated by the equation (4.9) (108).

Table 4.5: Equivalences between thermal and electrical variables.

Thermal Electrical Temperature T in K Voltage U in V Heat flow P in W Current I in A Thermal resistance θ th in K/W Resistance R in V/A θ th K W = 1 K th • h S (4.9)
where K th is the thermal conductivity in W/m • K of the material making up the layer, h the layer thickness in m and S is the layer cross-section through which the heat is conducted in m 2 .

In this case, to simplify the calculation, we assume that the volume involved in the heat transfer is the whole layer volume given by the product of the layer cross-section S and its thickness h.

The temperature gradient ∆T ( • C) of a layer through which the dissipated power P diss (W) flows is given by the equation (4.10)

∆T [ • C] = θ th • P diss (4.10)
Because of the lack of details on the HMC965 internal structure, the thermal model is calculated for standard dimensions and materials of QFN packages (109). A cross-section of the package with the most relevant dimensions used to calculate the model is presented in Fig. It should be noted that the heat source in Fig. 4.28b is an approximation to the configuration of the hot-spots at the chip level. Indeed, one of the main issues when modeling and simulating power amplifiers is the representation of the hot spots and the heat flux dynamics, since they are usually operated in a pulsed mode with variable duty-cycle. A top-view of the configuration of the via holes to be implemented on the substrate (PCB) is presented in the same figure. The thermal resistance θ equ characterizes the thermal path from the heat source to the lower metal layer of the substrate. As expected, this resistance is significantly lower than that corresponding to the plastic mold of the package. This confirms that the the most efficient way to provide heat sinking is through the bottom of the power amplifiers. Therefore, a thermal solution based on forced convection (air cooling) on the upper part of the amplifier does not seem suitable to completely fulfill the requirements of this application.

PROPOSED THERMAL MANAGEMENT SOLUTION

Typical values of heat sink resistances were investigated in order to have a general idea of the limits associated to different cooling techniques. Such values are summarized in Table 4. [START_REF]Pinbloc[END_REF]. In there, it can be observed that the most efficient technique for heat transfer is by using liquid cooling; however, it is also the one representing the most challenging design and implementation.

Similarly, industrial solutions were considered in order to provide the antenna with an adapted thermal system. The most relevant techniques are summarized in Table 4.7.

In the solid conduction category, it can be observed that the spreaders are most of the times shaped according to the application. Simple simulations were run to evaluate the temperature distribution over a solid spreader. Figure 4.30 shows the geometry used to model the power amplifier (QFN package) and the heat sink used during its characterisation. Since the heat source corresponds to the channel region, the power density was calculated based on its estimated volume and on the maximum dissipated power given in the component data-sheet. A maximum temperature of 135.5 • was obtained at the amplifier channel level whilst the heat sink temperature is lower than 72 • . This confirms that high temperature gradients are likely to be obtained with this type of heat sinks. In addition, according to Table 4.6 the convection coefficients for this type of heat sinks are the lowest among the solutions presented in Table 4.7. Improved efficiency for heat transfer can be achieved with pin blocks but the geometry might lead to bulky structures.

The second category of devices considered in Table 4.7 is referred as two-phase heat transfer devices. They are based on pipes through which a fluid changes from liquid to gas when flowing from a cold to a hot zone; then, the fluid changes to liquid again when the path temperature decreases enough for that to happen. A variety of assemblies can be found on the market; however, to obtain a convenient form factor and heat transfer efficiency, the device should be specifically designed for the application.

The third group of heat transfer devices considered are those based on liquid cooling. Cold plates based on liquid pumping are the devices with the potential to provide the highest convection coefficients. The main inconvenient of these solutions is the significant size of the pumping and liquid cooling parts of the system. Given that the most stringent constraint of the antenna form factor concerns the total structure height, a thermal solution as flat as possible should be found. At the same time, high thermal conductivity and the capacity to evacuate the localized heat all over the strucuture should be guaranteed.

By considering the previous analysis, the solution proposed is based on the modification of the antenna stack as presented up to this point. In order to provide efficient thermal management while preserving the structure flatness, a metal plate is proposed to be postioned between the substrate containing the active beamforming network and the stack made up of the H-plane feed and the radiating elements. The configuration is presented in Fig. 4.31.

The metal plate would be specifically designed for this application. Heatpipes would be micromachined in the metal plate for allowing the bi-phasic flow of a fluid all over the antenna. At the same time, this metal plate provides the antenna with the mechanical stability required for this application. The figure 4.31 is presented to describe the proposed model but it is not to scale and the number of heat pipes should be determined after a detailed thermal analysis.

MODIFIED ACTIVE ANTENNA STRUCTURE

The insertion of a thick metal plate to provide the antenna with an efficient heat sink leads to the modification of the whole structure. Since the metal plate should be thick enough to allow the heatpipe micro-machining (5 mm as a rough estimation), it becomes significant when compared to the wavelength. Consequently, the dogbone transition between the beamformging network and the H-plane feed is not adapted anymore. The proposed transition is described in the following section.

INTER-SUBSTRATE TRANSITION THROUGH A THICK METAL PLATE

In order to provide RF coupling from the microstrip line (BFN) to the SIW (H-plane feed) a cavity can be milled in the metal plate. Slots are printed on the microstrip ground plane and on the upper side of the SIW, as presented in Fig. 4.32. The resonant length a of a rectangular aperture of width b, centered in the transverse plane of a rectangular waveguide was studied in [START_REF] Cohn | Microwave coupling by large apertures[END_REF]. It was found that, for a/b small, the resonant frequency is approximately equal to the cut-off frequency of a waveguide with the same crosssection. Moreover, the attenuation for large wall thickness is close to the attenuation of the fundamental mode in a waveguide with cross section equal to the shape and size of the aperture, and with length equal to the thickness of the wall. This is consistent with the results presented in [START_REF] Haddad | Characterisation of aperture coupled microstrip patch antenna with thick ground plane[END_REF] where it was demonstrated that the main effect of a thick ground plane for an aperture-coupled microstrip patch antenna is the decrease of the coupling level from the feed line to the circuit in the bottom substrate. This coupling reduction effect was also modeled in [START_REF] Haddad | Characterisation of aperture coupled microstrip patch antenna with thick ground plane[END_REF] by considering the cavity as a small waveguide under cutoff.

In order to compensate for the coupling loss due to the thick ground plane, the slot size is increased. Such an increase raises the unwanted back radiation which is limited by placing a metal hood over the transition at approximately λ 0 /4 where λ 0 is the free space wavelength [START_REF] Rao | Dielectric reflector backed aperture-coupled antennas for reduced back radiation[END_REF].

Since the cavity behaves as a rectangular waveguide with additional attenuation and the power should be equally coupled towards ports 2 and 3 (see Fig. 4.32), then, the bottom part of the transition operates as a waveguide E-plane T-junction.

The power division is uniform towards ports 2 and 3 only for electrically thick ground planes. Otherwise, the rectangular waveguide created by the cavity is not long enough to allow the fundamental mode to be properly set up.

The demonstrator presented in Fig. 4.33 was implemented to validate the simulation results by using fairly simple fabrication means. The SIW and metal plate thickness are 0.508 mm and 4 mm, respectively. The intrinsic losses due to the proposed transition are estimated in Table 4.8.

Modifications to this proof-of-the-concept transition need to be done for adapting it to the metal plate design as required, to provide the antenna with effective thermal control. Such design is the object of the following section.

THERMAL CONTROL SYSTEM

The thermal model previously derived and the thermal conditions required from the antenna structure, were provided to IX BLUE, one of the project partners for a detailed study of the proposed solution.

IX BLUE, also in charge of the antenna platform design and installation conditions, is specialized in mechanics and has some experience on thermal analysis as well. In this way, the detailed thermal analysis to design the required heat sink according to the proposed solution was carried out, considering also mechanical constraints. 

Losses due to the proposed transition 0.44 dB

The results of such study are briefly presented in this section but technical details are out of the scope of this document.

Figure 4.35 presents the bottom and top view of the proposed antenna support. Such support is the metal plate containing the cooling system; it is made up of aluminum and copper. In the copper section (at the center), the heatpipes are micro-machined as detailed in the same figure.

The substrate stacks would be assembled to the support by using layers of a thermo-conductor adhesive material.

In order to improve the cooling capacity, channels are grooved to create paths for the air to flow. The integration of micro-fans was also suggested to inject air streams through the grooved channels.

It should be noticed that the design and fabrication of this structure is significantly challenging. The expertise of several companies working in mechanics and thermal control was required to fabricate a piece to be integrated with a 16-way active antenna. Such a prototype is in fabrication at the date at which this document is being written.

MODIFICATIONS OF THE INTER-SUBSTRATE TRANSITION

In order to make the inter-sustrate transition compatible with the antenna support and heat sink, several modifications were done to the former design.

The cavity width was reduced to free up the space necessary for the heatpipe integration. In order to achieve a significant reduction factor, the cavity is filled with a dielectric material (THP-100DX1) with a relative permittivity very close to that of the substrate (ε r = 3.6).

The metal hood size was also reduced so as to obtain acceptable performance and a maximum width of 10.3 mm. This constraint is imposed by the spacing between radiating waveguides. Finally, the effect of the adhesive material (3M F9460PC) to assemble the substrate stacks to the metal plate was taken into account during the optimization of the transition design. The dimensions of the optimized cavity are 5.87 mm x 2.7 mm. Even if this transition has not yet being fabricated, the performances are expected to be very close to the simulatied ones. This is based on the agreement between the simulated and measured parameters obtained for the proof-of-the-concept transition (air-filled) presented previously in this section.

As this report is being written, the fabrication of a 16-way active antenna is in progress. The structure includes the thick metal plate that acts as heat sink and antenna support. It also includes a single piece providing all the transitions with the metal hoods. Figure 4.37 presents the layout prepared for such prototype, a side-view of the stack and particular details of the BFN including the transitions through the thick metal plate . 

FAILURE ANALYSIS

The distributed nature of the power amplification system proposed for this antenna reduces the impact of a single component failure on the overall antenna performance.

Power combining structures as shown in Fig. 4.38 have been used for decades to achieve power levels of solid state amplifier greater than those available using single devices. Several authors have deduced expressions to determine the combiner output power and efficiency degradation due to imbalance of the input signal magnitude and phase (114; 115; 116). In addition, schemes have been proposed to improve the combiner performance in case of amplifier failure, which is commonly known as graceful degradation [START_REF] Saleh | Improving the graceful-degradation performance of combined power amplifiers[END_REF].

The approaches taken by most of the authors of the cited publications are quite general; nevertheless, they are not adapted to the application that is the subject of this document. Indeed, all the analyses are developed for power combining, an application requiring identical output power levels from every amplifier. In addition, most of them assume perfectly isolated splitters with identical input and output matching. These hypotheses are contrary to phased array antennas with particular radiation pattern requirements.

It is possible to obtain the modified S-matrix for a particular failure by using a commercial software; however, this approach is extremely time-consuming given the large number of ways and the consequent number of possible failures.

In order to overcome these difficulties, an automatized approach was considered by using flow graph theory. can be computed through Mason's gain formula [START_REF] Mason | Feedback theory-further properties of signal flow graphs[END_REF], so as to build an equivalent S-parameter matrix of the system represented in the figure as S T .
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An algorithm was implemented to generalize this procedure and calculate S T for n-way systems.

The failure analysis was integrated to the algorithm by modifying the S-parameters of the failed power amplifier.

In order to extend the applicability of the algorithm, the general case divider-amplifierscombiner from Fig. 4.38 was analyzed. Again, using the example of two-way structures, Fig. 4.40 shows the equivalent flow graph. The calculation of the four S-parameters is done by computing the path gain between the nodes D-A, J-A, D-G, J-G with a matched load connected between the nodes G-J to compute S 11 and S 21 and D-A to compute S 12 and S 22 . To calculate the path gain, the following data should be derived:

• the paths between every couple of nodes for which the gain is to be calculated (to compute the numerator of the Mason's gain formula),

• the loops in the graph,

• the N-order loops. An N-order loop is composed of N non-touching loops (denominator of the Mason's gain formula)

The complexity of the graphs rapidly increases with the number of ways. Table 4.9 presents the number of paths connecting each couple of the nodes for which the gain should be computed.

The number of loops is also provided in the last column. In there, the N-order loops are separated by a comma, i.e. for the 2-way power divider/combiner there are 18 loops in the graph; then, 21 combinations of two non-touching loops are possible; similarly, 8 combinations of 3 non-touching loops can be made and finally only one 4-order loop is possible by combining 4 non-touching loops.

The results show an exponential increase of the number of paths connecting every couple of nodes for which the gain is required. A faster increase is observed in the number of loops. The impact of such exponential increase is direct on the computation time and resources required to execute the algorithm. Therefore, alternative ways to simplify the graph are proposed. Table 4.10 summarizes the equivalent data when perfect isolation is supposed between consecutive outputs of the power divider and combiner.

The significant simplification of the graph is reflected on the reduction of the number of paths and loops for the cases evaluated; however, this reduction penalizes the generalization of the algorithm applicability. Additionally, this method remains complex and time-consuming, especially for higher number of ways. The 8-way case was executed and the summation of the N-order loops was found to exceed 390 000.

Given the obtained results, computation time and memory consumption, an alternative way to calculate the S-parameters of the system was explored. Such a way is based on the simplifica- It can be observed that the increase of the side-lobe levels is only slightly higher in the case of Fig. 4.41b, even though four power amplifiers are out of order. Indeed, the power law in the E-plane makes the amplifier failure impact dependent on the relative power it provides to the radiating elements.

The particular tapering of the antenna makes necessary a rigorous and automated analysis on the possible failures, given that the simplifications by symmetry properties of this type of configuration are limited.

CONCLUSION

In this chapter, a simple architecture was proposed to integrate the beam-forming network and distributed power amplification subsystem to the passive antenna prototypes. For doing so, the characteristics of phase shifters and power amplifiers commercially available were considered. Furthermore, particular models were characterized and then selected, according to several criteria, making them fairly compatible with this application.

The beam-steering function was validated through an implementation integrating the selected phase shifters to the feed network designed in Chapter 3 for the reduced-gain prototype.

Regarding the power amplification function, several test cards were implemented to characterize the components. The performances announced by the manufacturer were hard to achieve due to the delicate QFN package integration procedure and to the thermal management required to keep the amplifier under the recommended temperatures. Nevertheless, the lastly implemented cards allowed to achieve results that are fairly close to the expected performances.

A thermal management solution to evacuate the heat dissipated by the significant amount of power amplifiers was also studied in this chapter. A thermal model of the QFN packaged power amplifier and a solution to integrate a cold plate to the antenna stack were proposed.

Finally, an automated procedure was proposed to analyze the impact of failure of one or several power amplifiers on the antenna performance. Given the tapering required to properly feed the radiating elements, the impact of the failures depends on the relative power that was provided by the damaged amplifier.

General conclusion and perspectives

The works presented in this document have been oriented to achieve three main objectives. The first one was to develop a power distribution network to feed the radiating elements of an antenna based on substrate integrated waveguides (SIW). This former design had to be modified in order to perform beam-forming in the elevation plane. This first objectif was accomplished by the implementation of passive prototypes through which the design and fabrication procedures were validated.

The second objectif of this thesis was to integrate power amplification functions to the feed network previously designed. The integration of power amplifiers leads to thermal issues that may compromise the overall system performance. Hence, a solution to properly manage the generated heat was proposed.

The last objectif of this thesis was to develop a tool to automatically analyze the failure cases of the power amplification system. These failure cases include the damage of one or several power amplifiers. These works began by the assessment of a state of the art on phased array antennas, which provides a clear picture on the architectures and technologies commonly used in moving earth stations. Even if the applications and constraints are different, the study of each antenna presented in there enabled the extraction of useful information. Such information was used to analyze for example the applicability of the choices made on the different subsystems of the investigated structures.

The outcome of this survey and the particular constraints imposed to this application made essential the consideration of planar technologies such as microstrip lines and substrate integrated waveguides, both feasible using standard PCB procedures. Furthermore, slant pannels were discarded due to the bulkiness and the additional mechanics imposed by this alternative.

The circuitry required for performing the beam-forming and power amplification functions was identified as another important constraint for this type of antennas. The electronics represent a major percentage of the total cost of the system; customized designs are necessary in most of the cases, increasing significantly the total costs.

Regarding the radiating elements, the improved antenna gain and efficiency that can be achieved with radiating SIW and the possibility of implement them using planar technology were the main reasons to select these structures.

After noting these general considerations on the antenna architecture, the selection of particular choices on the different subsystems required the definition of the antenna specifications. Such specifications were deduced at the begining of the Chapter 2, taking into account the expected peformances and also the regulatory constraints imposed to telecommunication equipment and more particularly to earth stations. The EIRP density, maximum antenna gain and transmit power were calculated by considering the performances of a typical GSO telecommunication satellite covering Europe.

The definition of the antenna performances and the consideration of the fabrication constraints led to technical choices on the system architecture, radiating aperture and feed network. The latter being the subsystem on which most of the work reported in this document was focused. Given the definition of the antenna aperture, two different feed networks were identified to prorerly feed the radiating elements on the H and E planes.

Closed-form expressions were deduced to design the feeds and evaluate the transmission loss for different architecures. In addition, preliminary electric and electromagnetic simulations were performed to validate the feed peformances when implemented on microstrip (MS) and SIW technologies, respectively. These analysis concluded in the choice of corporate architecture for both the E-plane and the H-plane feeds. Regarding the technology, different choices were made for the feeds; microstrip Wilkinson power dividers were selected for the E-plane feed whilst SIW were found more adapted to implement the H-plane power divider.

Given that the feed network design greatly depends on the radiating elements, details on the geometry of the aperture were provided at the beginning of Chapter 3. To validate the substrate characterisitics, required to perform electromagnetic simulations, permittivity measurements of the selected substrate were performed through three different methods, including one using SIW.

A reduced-gain passive prototype of the antenna was introduced as a mean to validate basic antenna fonctionalities as well as the fabrication procedures. To obtain the expected radiation pattern from this prototype, tapering was only required in the E-plane.

The design of a microstrip power splitter was pursued by comparing the performance of different layouts, using several simulation tools. After simulating the whole E-plane feed to obtain the required tapering, it was observed that improvements were necessary on the fundamental block, specially to obtain enough isolation between the outputs and to improve the input and output matching.

Two different technologies were used to implement the isolation resistors, namely surface-mounted resistances (SMD) and planar resistor technology (PRT). The performance of the feeds implemented with both technologies were compared and no significant differences impacting the overall feed performance were identified. These procedures made it possible to identify the most adapted simulation method for this configuration. The E-plane feed of the reduced-gain prototype was optimized to obtain the best input matching at the operating frequency.

Since a microstrip-based solution was completed and validated to distribute the input power in the E-plane, the following step was to design transitions to feed the radiating waveguides. Microstrip-to-waveguide inter-substrate transitions were studied and an equivalent model was used to optimize the one selected for this application. Electromagnetic simulations and the implementation of the transition made it possible to validate the model and the expected performances. Based on this work, the two-way H-plane feed was designed for the intermediate prototype with estimated losses lower than 0.8 dB, including the MS-to-SIW transition.

Using the measured performances of the E-plane feed, simulations were carried on to obtain the input antenna matching and radiation patterns. Electromagnetic simulations were also used to find a configuration to limit the influence of the energy radiated by the microstrip feed on the antenna performance. Then, the subsequent step was to validate the manufacturing sequence to implement the prototype, which was made up of three substrates and four metal-layers.

The measured radiation pattern was in good agreement with the expected one. On the other hand, a difference of around 5 dB was found between the measured and the expected input matching; a later implementation made it possible to clarify that such difference was very likely to be introduced by misalignment between the first and second substrate layers.

The last section of the third chapter dealt with the high-gain antenna feed network. In that case, a hybrid MS-SIW design was required to implement the 1 → 32 E-plane feed. Regarding the 1 → 4 H-plane feed, non-uniform power distribution was also required to feed the radiating elements. The feed was based on slot inter-substrate transitions charged with an inductive via post, whose position and geometry determine the power division ratio. The performance of both, E-plane and H-plane feeds, were evaluated through full-wave EM simulations. A high-gain passive prototype is under fabrication as this document is being written.

The beam-forming network and the architecture of the power amplification system were defined in Chapter 4. The phase shifter and the power amplifier models were selected among the commercially available components at the time the survey was made (summer 2012). Two power amplifiers and one phase shifter were characterized by using test cards specially designed for this purpose. Such cards were designed and gradually improved to achieve the performances announced on the data-sheets while also accomodating the layouts to make them fit on the available surface of the active antenna.

The beam-forming network was separately implemented and the S-parameters were measured for the conditions to point towards several elevation angles. To validate the proper functioning of the sub-system, the measurements were used in conjunction with the algorithm designed to simulate the radiation pattern. Then, the beam-forming network was integrated to fabricate a second passif prototype able to steer the elevation range between 20 • and 60 • . The beamstearing function was validated through radiation pattern measurements.

Regarding the integration of the power amplification system, it was found that an active prototype required an efficient thermal management system to properly work. The QFN power amplifier package and the thermal path through which the heat flows were represented through a thermal model. Such model was used to design a customized thermal solution in the form of a cold-plate.

In order to integrate such plate in the antenna stack, RF transitions were designed to transfer through it the power from the feed network towards the SIW. The layouts to fabricate a reduced gain (16-way) active prototype were finalized and such prototype is in fabrication as this report is being written.

The works presented in this document finalized with the failure analysis of the power distribution network. Such analysis concluded with the design of a tool to automatically analyze all the possible failures of one or more amplifiers, providing the information required to evaluate the impact of the failures on the antenna radiation pattern.

The difficulties encountered throughout the developement of these works eased the consideration of several possibilities to improve the antenna prototypes implemented in the framework of this project. These possibilities are varied in nature and some of them can only be considered in the long-term.

The fabrication constraints such as the maximum panel size or the lack of expertise to handle different kind of substrates are issues that may be overcame in a short-term. In that way, more flexibility can be given to the antenna design, making it possible to achieve higher gain and lower substrate losses.

Regarding the RF circuitry, it was found that a customized MMIC design is the most suitable way to obtain precision and reproductibility from the beamforming network. Such circuit should include at least phase-shifting functions, insertion loss compensation (or variable attenuation levels) and a self-calibration network. The main drawback is the initial cost of the design; however, it is very difficult to forego this alternative by finding on-the-shelf components compatible with the application requirements and constraints.

With regard to the power amplification sub-system, it is a fact that technologies are evolving rapidly and new products are being constantly introduced to the market. Two years ago, at the time the power amplifier selection was made, only GaN transistors were available at Ku-band; besides, their foot-print was too big to be adapted to this application. Currently, there are two manufacturers, Triquint (RF Micro Devices) and Hittite, providing GaN power amplifiers operating up to 16 and 20 GHz, respectively. Some other manufacturers like Toshiba and Cree offer GaN power amplifiers at maximum operating frequencies of 9.8 and 11 GHz. The longest side of these packaged products does not exceed 30 mm.

In the framework of this project, other perspectives were considered for the prototypes presented in this document. Such perspectives aim to modify the structure so that it can be used at Kaband frequencies. A pillbox approach for the radiating elements as presented in (8) has been considered. Such structure can also be implemented on PCB technology without any additional fabrication challenge since SIW technology can be used. Regarding the power amplification system, a quasi-optical approach, as introduced in section 1.2.3.3 can be envisaged. These modifications require a considerable time to be developed and can be the subject of medium and long-term studies.

The potential application of such works is extreamly interesting given the recent developments in the satellite industry such as HTS (High-throughput satellites) and the various projects under developement for operation in the Ka-band. [START_REF] Deslandes | Integrated microstrip and rectangular waveguide in planar form[END_REF]was chosen for this application because of its low insertion losses, wide bandwidth and implementation simplicity.

A.1.3 SIW 90 • BEND

To implement 1 → N power dividers, corporate architecture is preferred over serial architecture because of its wider bandwidth. In consequence, the type of dividers for which this methodology applies is 1 → 2N . To build such dividers, T-junctions are assembled and the use of SIW bends is essential. The 90 • bend used in this implementation includes an inductive post to reduce the bend's reflection. The post size is the same as the posts used to construct the waveguide walls; its position with respect to the 90 • angle was optimized through 3D electromagnetic simulations.

A.2 DESIGN METHODOLOGY

This section describes the proposed procedure for SIW Tee-junction design. It is the result of a study developed on three SIW T-junctions designed to operate at different frequency bands: X, Ku and K. When compared to the guided wavelength, the via size used to build the lateral walls of the T-junctions is different for each implementation; however, they respect all the conditions described in [START_REF] Xu | Guided-wave and leakage characteristics of substrate integrated waveguide[END_REF] for SIW design. This proves the applicability of the procedure to any via size in agreement with the general SIW design procedures.

The methodology exposed in this section is split into several steps. First, the basic SIW parameters (a, d and s in Figs. A.1a and A.1b) are determined. Then, the second step distinguishes among two different cases of power division to determine the central via diameter. Similarly, the position of the vias making up the input iris, and then the central via offset h (see Fig. A.1b), are determined in order to guarantee input matching. In step three, the central via parameter l is extracted from the set of curves generated through parametric simulation studies (Figs. A.6a and A.6b). Finally, the output phase unbalance is compensated by shifting the input port.

Hereafter, the magnitude of the power difference between the output ports of the Tee junction is expressed by ∆Out. Since this procedure is scalable, all the parameters are referred to the SIW guided wavelength λ g = 2π/β, where β represents the propagation constant of the guided wave in the SIW.

A.2.1 SUBSTRATE INTEGRATED WAVEGUIDE DESIGN

Let f be the central frequency of the design and f c denote the waveguide cut-off frequency. The proximity between the cut-off frequency and the central frequency determines the operation bandwidth. For the designs presented in this document, the ratio f /f c = 1.5 is used; however, this criterion may be modified as required by the application without impacting the rest of the design procedure.

Dimensioning the waveguide is straightforward through the relation a RW G = λ C /2, where a RW G is the width of the rectangular waveguide with the required cutoff wavelength λ C .

In [START_REF] Cassivi | Dispersion characteristics of substrate integrated rectangular waveguide[END_REF], it was demonstrated that equivalent width a of a substrate integrated waveguide may be determined by using:

a = a RW G + d 2 0.95 • b
where b denotes the substrate thickness and d is the via diameter as defined in Fig. A.1b. In [START_REF] Xu | Guided-wave and leakage characteristics of substrate integrated waveguide[END_REF] , the authors study the leakage losses and dispersion characteristics of SIWs and provide design rules for appropriately choosing the via size and spacing or pitch.

A.2.2 DETERMINING t, h AND d C

In order to set the parameters t and h so that input matching is guaranteed for different diameters of the central post, parametric studies were carried out on the EM full-wave simulator ANSOFT HFSS. Regarding t, it was observed that the value set for equal power division did not require significant modifications when varying the central via position or size; it is then recommended to set t as approximately λ g /60. On the other hand, the distance h to assure appropriate input matching was observed to be dependent on the central post diameter d C . For this reason, h and d C have to be set according to the desired power split ratio.

The central post diameter impacts both, the input matching and the maximum power split ratio achievable for the unequal power division case. A small central post improves the input matching but hampers from achieving high power split ratios. Because this study aims to cover a large power split ratio range, the design procedure distinguishes two cases: high and low power split ratios.

A.2.2.1 LOW POWER SPLIT RATIO

For the equal power division case, the central post diameter d C ≈ λ g /25 allows us to assure input matching better than -20 dB over more than 35% bandwidth. Using this diameter, parametric studies were run in order to establish the maximum shifting (l) of the central post for which the input matching level was still better than --18 dB at the central frequency. It was found to be around λ g /10 for h = d C . However, in order to have input matching over a significant bandwidth, the central post shifting is limited to λ g /15. When d C and h are fixed, shifting the central post towards one of the output ports causes a linear variation on the difference between the amplitude of the output signals, when plotted in dB. The range of l from zero to λ g /14.7 covers the cases of power differences within the range 0 dB ≤ ∆Out ≤ 3 dB.

A.2.2.2 LOW POWER SPLIT RATIO

Similarly to the previous case, parametric studies were used to find the Tee junction configuration to achieve ∆Out higher than 3 dB and guarantying input matching better than --18 dB. It was found that, by setting d C = λ g /13 and h = d C /2, it is possible to obtain differences between the output ports within the range 3 dB ≤ ∆Out ≤ 9 dB. This corresponds to the central post shifting going from λ g /18 to λ g /6. When shifting the central post beyond λ g /6, it considerably approaches to the input port lateral wall axis, causing an important degradation on the input matching. 

A.2.3 DETERMINING THE CENTRAL POST OFFSET AND THE OUTPUT PHASE UNBALANCE

The graphs generated in the previous section make it possible to easily determine the post position for a desired power split ratio. Even if the case of SIW T-junctions with power split ratio higher than 9 dB is not included in these curves, it is possible to easily design them by using some principles derived from this methodology; however, electromagnetic simulations are required. An initial configuration is setting t around λ g /60, d C bigger than λ g /13 and h close to d C /2. Then, to obtain the desired ∆Out, the only parameter to modify during the simulation is l. Then the phase compensation is done as explained in the next section.

A.2.4 CALCULATING THE INPUT PORT OFFSET

The phase shift ∆θ is related to the distance x traveled by an electromagnetic wave in a guided medium by ∆θ = 2πx λ g 

A.3 IMPLEMENTED POWER DIVIDERS

In order to validate the proposed methodology, several Tee-junctions and power dividers at different frequencies were implemented. No optimization process was performed to improve their performance; only the graphical method described in the previous section was applied.

A.3.1 X BAND TEE-JUNCTION WITH ∆Out = 2 DB

The It is important to keep in mind that there is no need for simulation to design the power divider; it is included here only to show the accuracy of the proposed method. However, simulation is a powerful tool that may be used to optimize its performance, e.g., bandwidth.

The measured and simulated power law is included in A.1. Such results fulfill the required power law fairly well. A comparison between the measurements and the results issued from the electromagnetic simulator Ansoft HFSS is presented in Fig. A.11. Measured input return losses are better than 15 dB over roughly 16% bandwidth. Despite the differences when comparing the measured and simulated S 11 over the frequency band, the power divider is still matched in the band of interest.

Regarding transmission characteristics, good agreement is observed between the simulations and the whole measured bandwidth. The difference between the simulated and measured transmission coefficients is not the same for each output port. The explanation for this is that the input port shifting, performed for phase compensation, is different for the three T-junctions. Such a procedure leads to different path lengths from the input port P 1 to the output ports P 2 , P 3 , P 4 , P 5 . As the connector losses are only 0.1 dB, the remaining power level differences may be explained by two different factors. First, the substrate tangent loss is not specified by the manufacturer for the frequency band of interest; it was set to 3.35 •10 ˘3, which corresponds to 10 GHz. Second, the through vias were simulated as if they were totally filled by pure copper; however, they were actually metalized by a modified electrolytic copper deposition process. The isolation between the output ports is also shown in Fig. A.12. The low isolation levels achieved were expected due to the fact that no resistors were used between the T-junctions output ports. If the targeted application requires significant isolation levels, resistive elements have to be included and the T-junctions are considerably modified. A possible way to do this is using HMSIW as presented in [START_REF] Eom | Multilayer substrate integrated waveguide four-way out-of-phase power divider[END_REF]; however this technique has the disadvantage of non negligible radiation from the open ends of the HMSIW.

As previously explained, this methodology is scalable and all the parameters are referred to the guided wavelength. In consequence, it is applicable to any type of substrate. To validate this, other T-junctions were successfully designed using 0.254 mm thick substrate RO5880 (ε r = 2.2).

A.3.4 DISCUSSION ON THE TEE-JUNCTION BANDWIDTH

The Tee-junction bandwidth may be limited by two different factors: input matching and ∆Out variations. Regarding the first one, the structure is considered to be matched when the reflection coefficient S 11 is lower or equal to -18 dB. According to the simulations run during the curve generation process, the minimum input matching bandwidth is 28% and 15% for the low and high power split ratio cases, respectively. However, after measuring several implemented T-junctions, the bandwidths for which the input matching is guaranteed are 15% for 0 dB ≤ ∆Out ≤ 3 dB and 12% for 3 dB ≤ ∆Out ≤ 9 dB.

The second factor that may limit the T-junction bandwidth is the transmission coefficients variation. Such variation affects the resulting ∆Out and the required power difference between the output ports is not longer achieved. The bandwidth evaluation is done by limiting the ∆Out variations to ±10% of its design value. Table A.3 summarizes the simulated and measured results for some implementations at three different central frequencies and for three different power division ratios.

The results provided in this section show that the actual limiting factor when evaluating the bandwidth of the proposed structure is the variation in the transmission coefficients and not the input matching.

Finally, it is important to notice that the bandwidth results provided in this section were evaluated by using a particular criterion (∆Out±10%) and it is the final application which really determines the required performance. In any case, the parameters recommended by the proposed methodology are a convenient starting point for the necessary optimization procedures.

A.4 CONCLUSION OF THE APPENDIX

A simple procedure to implement unequal power division through Tee-junctions in SIW technology has been presented. A set of curves was generated to easily determine the junction parameters to obtain the desired power ratio. A wide-range of split-power ratios, going from 1:1 to 1:8 are achievable. The phase-balance on the output signals is attained by shifting the For the Tee-junctions, the input matching is guaranteed to be better than 18 dB over more than 12% bandwidth. The variation of the power difference between the output ports is lower than 10% over at least 7% bandwidth around the central frequency. Since the recommended values for all of the parameters are related to the guided wavelength, no simulation is required to complete the design. However, simulation is a powerful tool that may be used to optimize the design parameters from the starting values deduced from the graphical procedure for improving the performances e.g. bandwidth, input matching. 
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  Diviseur de puissance plan E du prototype à gain réduit Suite à la conception d'un diviseur plan E basé sur des lignes microruban, il a été nécessaire de concevoir les transitions nécessaires pour alimenter les guides d'ondes rayonnants. Différentes transitions inter-substrat microruban-vers-guide SIW (MS-SIW) ont été considérés et finalement un circuit équivalent a été proposé pour étudier la transition sélectionnée pour cette application. Des simulations électromagnétiques ainsi que la réalisation de prototypes de test ont permis de valider le modèle utilisé et les performances attendues de la transition. Sur la base de ce travail, le diviseur plan H (deux voies) pour le prototype intermédiaire a été conçu, avec des pertes estimées inférieures à 0,8 dB, y compris la transition MS-SIW.

Figure 1 . 1 :

 11 Figure 1.1: The PAVE PAWS solid state radar phased array. This is a file from the Wikimedia Commons.
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 12 Figure 1.2, illustrates two active array architectures: brick and tile, which are defined by their basic building blocks.
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 12 Figure 1.2: Array architecture: a. Brick construction; b. Tile construction
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 13 Figure 1.3: Antenna array with fixed sub-array inclination
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 14 Figure 1.4: Microstrip patches: a. Inter-element coupling between T-shaped transmission and reception patches; b. Patches for mobile broadcast satellite reception in Ku-band
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 15 Figure 1.5: Waveguide slot arrays; a. Longitudinal slots; b. Inclined slots; c. Edge slots.
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 116 Figure1.6 presents the structure of a two-way Wilkinson power divider suitable to achieve a power ratio of K 2 between the output ports. If these ports are perfectly matched, then the structure is loss-less.
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 1718 Figure 1.7: Hybrids; a. Branch line hybrid (90 • ) for arbitrary power ratios; b. Rat-race hybrid (180 • ) for equi-amplitude power division.
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 19 Figure 1.9: Traveling wave feed.
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 1 Figure 1.11a presents a 1→32 parallel feed based on Wilkinson power dividers, designed to operate in the SAR-satellites TerraSAR-X and TanDEM-X, launched in 2007 and 2009, respectively (30).
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 110111 Figure 1.10: Parallel architecture: a. Symetric parallel feed; b. Modified parallel feed
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 113 Figure 1.13: Space feeders; a. Transmission type; b. Reflection type.
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 114 Figure 1.14: Maxson-Blass matrix.
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 115 Figure 1.15: Butler matrix.
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 116 Figure 1.16: Parallel plate lenses in mobile satellite communications; a. SIW antenna based on R-KR lens; b. Ku-band Rotman lens; c. Ka-band system based on Rotman lenses.
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 1 Figure 1.17 presents an analog phase shifter based on a GaAs varactor diode designed for a reception antenna operating in the Ku band (21).
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 117 Figure 1.17: Phase shifter based on varactor diode.
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 118 Figure 1.18: Customized MMIC design by OMMIC.
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 119 Figure 1.19: Tracstar IMVS450M system (1).
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 1 Figure 1.20: Stair-planar phased array antenna system for mobile broadcast satellite reception in the Ku-band.
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 121 Figure 1.21: Substrate Integrated Waveguide structure.
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 122 Figure 1.22: Substrate integrated folded waveguide.
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 1 Figure 1.23: T-Septum waveguide; a. Rectangular waveguide; b. folded waveguide.
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 124 Figure 1.24: Half-mode SIW.
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 125 Figure 1.25: Folded half-mode SIW.

Figure 1 . 26 :

 126 Figure 1.26: Substrate integrated slab waveguide.

Figure 1 . 27 :

 127 Figure 1.27: Ridged substrate integrated waveguide.
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 221 Figure 2.1 highlights the uplink in the return segment, the link on which this study focuses on.
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 22 Figure 2.2: Design objective masks; a. Off-axis EIRP emission density; b. Off-axis gain.
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 23 Figure 2.3: Eutelsat West A characteristics; a. Uplink performance; b. Elevation pointing angle.
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 24 Figure 2.4: Eutelsat 8 West A polarization plane angle.

Figure 2 .

 2 Figure 2.6 was generated by TAS using the non-linear characteristics of a particular type of Ku band terminal developed by them. In there, three satellite figure of merit values (G/T) are considered. From there, the required EIRP density to assure a C/N level of 9 dB is 39.5 dBW/40 KHz.
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 2 Figure 2.7 presents a block diagram of the system, composed by three main parts. The transceiver is an existing module fabricated by TAS. The mechanical platform and position control unit integrates the sensors and tracking control. The third part, which is the main subject of this study, is the antenna aperture.
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 27 Figure 2.7: Antenna system block diagram.
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 28 Figure 2.8: Sketch of slot waveguide.
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 210 Figure 2.10: Beam squint with frequency for a slot waveguide antenna; a. the feed port is located at one side of the waveguide; b. the antenna is centrally-fed.

  Figure 2.11: Input matching for 32-slot waveguides when using one, two and four subwaveguides; a. simulated reflection coefficient; b. waveguide configuration.
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 212 Figure 2.12: Sketch of the antenna aperture.
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 213 Figure 2.13: Power splitter for unequal power division with ratio K.
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 2 Figure 2.14: H-plane feed weighting.
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 215 Figure 2.15: Structure of four sub-waveguides making up an array row (top view).
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 216 Figure 2.16: Waveguide directional coupler issue to feed a radiating waveguide.
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 218 Figure 2.18: Crosstalk level between a couple of identical microstrip line, as function of the line length.
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 219 Figure 2.19: Interaction between the E and H plane power dividers.

Figure 2 .

 2 Figure 2.20: E-plane weighting for a 16-way power feed.
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 52 Figure 2.21: E-plane series feed for the 16-waveguide antenna array.
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 2 Figure 2.22: E-plane series feed for a 16-waveguide antenna array.

Figure 2 .

 2 Figure 2.23: S-parameters of T-junctions with inductive post; a. power ratio = 16.1 dB (p=6.1 mm, q=1.13 mm, r post =0.21 mm, w=2.23 mm); b. power ratio = 11.25 dB (p=6.1 mm, q=1.3 mm, r post =0.42 mm, w=2.77 mm)
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 224 Figure 2.24: Half of the E-plane series feed; a. eight cascaded junctions ; b. transmission coefficients (magnitude); c. transmission coefficients (phase) d. return loss.
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 2 Figure 2.25: E-plane series feed; a. fifteen cascaded junctions; b. S-parameters
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 84227 Figure 2.27: Simulated S-parameters and power ratios of the microstrip center-fed series feed; a.transmission coefficients; b. port matching.
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 229 Figure 2.29: Transmission coefficients and port matching for the E-plane corporate feed; a. S i1 -parameters with i=1,2,..7; b. S ii -parameters with i=1,2,..7.
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 230 Figure 2.30: Loss analysis for the center-fed series and the corporate architecture.
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 231 Figure 2.31: Computed and simulated results for two E-plane power feeds.
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 232 Figure 2.32: Waveguide reactive T-junction; a. structure as proposed in (2); b. septum and iris implemented using via holes; c. Y-structure to directly feed the radiating elements.
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 2 Figure 2.33: S-parameters of waveguide two-way power dividers. a. T-junction with power ratio r 1 =2.33 (3.7 dB); b. T-junction with 90 • bends with power ratio r 4 =1.259 (1 dB)

Figure 2 . 34 :

 234 Figure 2.34: Simulated waveguide corporate feed; a. field distribution; b. transmission coefficients; c. port matching.
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 235 Figure 2.35: Comparison between a microstrip and a waveguide corporate feed for power distribution in the E-plane.
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 331 Figure 3.1 presents the configuration of the radiating elements for the intermediate antenna, which is a quarter of the size of the final demonstrator. Consequently, the gain is reduced by 6 dB, without considering the reduction of the feed losses.The aperture is composed of sixteen waveguides, each one with thirty-two slots. In order to keep the fundamental radiating element as for the final antenna, each waveguide is divided into two sub-waveguides, each one made up of sixteen slots . The sub-waveguides are center-fed to reduce the long line effect.
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 32 Figure 3.2: Radianging elements; a. fundamental slot waveguide; b. radiating aperture
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 33 Figure 3.3: Pemittivity measurement; a. microstrip line geometries; b. measured phase transfer.
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 34 Figure 3.4: Pemittivity measurement; a. ring resonators; b. measured resonance frequencies.
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 35 Figure 3.5: Pemittivity measurement based on SIW; a. SIWs geometry (units in mm); b. transmission coefficients.
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 36 Figure 3.6: Computed pemittivity from the SIWs measurements.
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 37 Figure 3.7: E-plane power distribution for the intermediate demonstrator.
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 38 Figure 3.8: Basic power splitter for unequal power division.
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 39310 Figure 3.9: Two-way power splitters; a. T-junction for equal power division; b. T-junction for non-uniform power division; c. unequal power divider for improved input matching
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 311 Figure 3.11: Performance of two-way splitter with the geometry in Fig. 3.9c; a. input matching; b. power split ratio
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 313314315316 Figure 3.13: Power splitter for unequal power division with ratio K.
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 319 Figure 3.19: Simulated S-parameters for the optimized 16-way E-plane feed; a. transmission coefficients; b. port matching ; c. output isolation.
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 321 Figure 3.21: Power divider with surface-mounted resistors to validate the E-plane feed design
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 322 Figure 3.22: Measured and simulated S-parameters of eight-way power divider in Fig. 3.21; a. transmission coefficients; b. input matching; c. output matching; d. output isolation.
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 323 Figure 3.23: Equivalent model for the surface-mounted resistance; a. proposed circuit; b. real part of the impedance; c. imaginary part of the impedance.
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 324 Figure 3.24: Integration of the resistance equivalent model into the two-way power splitter with ratio = 3.68 dB.
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 325 Figure 3.25: Step by step substractive PCB processing (3).

Figure 3 .

 3 Figure 3.26: E-plane feed test circuits using planar resistor technology (PRT).
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 3 Figure 3.27: Partial E-plane feed with embedded planar resistances.
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 3 Figure 3.28: S-parameters of feed in Fig. 3.27; a. transmission coefficients; b. input matching; c. output matching; d. output isolation.
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 330 Figure 3.30: Final design and performance of the E-plane feed; a. port matching; b. port isolation.
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 331 Figure 3.31: Inter-substrate transitions; a. via-based transition; b. slot transition
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 332 Figure 3.32: Sensitivity study of the via transition in Fig. 3.31a to the; a. via hole radius; b. size of the gap etched between the two substratesfor R h =0.4 mm.

Figure 3 . 33 :

 333 Figure 3.33: Geometry of a four-port transition between a microstrip line and a slotline.
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 3 Figure 3.34: Microstrip-to-slotline transition.
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 337 Figure 3.37: Input matching for the microstrip-to-waveguide transition computed through the proposed equivalent circuit.
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 338339 Figure 3.38: Input matching, as function of the stub length, computed through the proposed equivalent circuit and compared to the full wave simulation results (HFSS); a. slot width = 0.3 mm; b. slot width = 1 mm.
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 340341342 Figure 3.40: Field distribution for the optimized microstrip-to-waveguide transitions; a. rectangular slot; b. dogbone.
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 3 Figure 3.43: H-plane power feed sketch.
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 344 Figure 3.44: Waveguide to waveguide slot transition; a. 3D view; b. side view.
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 345 Figure 3.45: Equivalent circuit for the waveguide-to-waveguide slot transition.
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 346 Figure 3.46: Calculated and simulated input matching of the waveguide to waveguide transition.
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 347 Figure 3.47: Resonant frequency of rectangular slots centered in the transverse plane of a rectangular waveguide.
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 348 Figure 3.48: Improved equivalent circuit for the waveguide to waveguide slot transition.
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 349 Figure 3.49: Calculated input matching through the proposed equivalent circuit for a waveguide to waveguide slot transition.
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 3503 Figure 3.50: Simulated S-parameters for two 7 mm long rectangular slots; a. input matching; b. transmission coefficients.
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 352 Figure 3.52: Input matching of the structure in Fig. 3.51.
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 353 Figure 3.53: Feed and radiating structures (courtesy IETR); a. perfectly matched ports; b. dogbone transitions (courtesy IETR); c. microstrip feed and dogbone transitions.
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 3 Figure 3.54: H-plane radiation diagrams simulated at the IETR with the structures in Fig. 3.53; a. back radiation effect; b. shield to limit the back radiation.
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 3 Figure 3.55: E-plane feed shield.
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 3 51 is shown in Fig.3.56.
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 3 Figure 3.56: SIW radiating waveguide plus H-plane power divider.
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 358 Figure 3.58: Process modification to avoid blind vias.
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 359 Figure 3.59: Final stack details
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 3360 Figure 3.60: 3D-view of the stack.

Figure 3 . 61 :Figure 3 . 62 :

 361362 Figure 3.61: Intermedaite antenna prototype; a. upper side (radiating elements); b. bottom side.

Figure 3 .Figure 3 .

 33 Figure 3.63: H-plane radiation pattern; a. measured; b. simulated.

Figure 3 . 65 :

 365 Figure 3.65: Antenna aperture: 32 x 64 radiating elements.

Figure 3 .

 3 Figure 3.66: E-plane weighting for the 32-way antenna.

Figure 3 .

 3 Figure 3.67: E-plane power divider design.

Figure 3 .

 3 Figure 3.69: E-plane feed simulated performance; a. transmission coefficients magnitude; b. comparison between the ideal and the simulated tapering at 14.25 GHz.

Figure 3 . 70 :

 370 Figure 3.70: Input and output matching of the 32-way E-plane feed .

Figure 3 . 71 :

 371 Figure 3.71: Simulated radiation pattern using the S-matrix from the designed E-plane feed.

Figure 3 .Figure 3 .

 33 Figure 3.72: H-plane feed weighting.

Figure 3 . 74 :

 374 Figure 3.74: Inter-substrate transition for non-uniform power division; a. structure and parameters; b. simulated S-parameters for d v =1.2 mm, v x =6.2 mm, v y =1.8 mm, d slot =8.5 mm, l slot =7.48 mm, w slot =1 mm.

Figure 3 .

 3 Figure 3.75: H-plane feed designed for non-uniform power distribution to the final antenna prototype.

Figure 3 . 76 :

 376 Figure 3.76: Simulated performance of the H-plane feed for the final antenna prototype; a. transfer coefficients; b. input matching

Figure 4 . 1 :

 41 Figure 4.1: Power amplification scheme; a. centralized; b. distributed.

Figure 4 . 2 :

 42 Figure 4.2: Required phase shift between the radiating elements to perform the elevation plane steering

Figure 4 . 3 :

 43 Figure 4.3: Phase shifters, power amplifiers and radiating elements configuration.

Figure 4 . 4 :

 44 Figure 4.4: H-plane corporate waveguide feed.

Figure 4 . 5 :

 45 Figure 4.5: QFN packaged components ; a. phase shifter; b. power amplifier.

Figure 4 . 6 :

 46 Figure 4.6: Phase shifter characteristics obtained with the firstly implemented boards; a. test board; b. measured S-parameters.

Figure 4 .Figure 4 . 8 :

 448 Figure 4.8a presents the first version of the layouts used to fabricate the test boards for the Hittite and the Triquint amplifiers.

Figure 4 . 9 :

 49 Figure 4.9: Testbed to measure the power and gain characteristics of the power amplifier.

Figure 4 . 10 :

 410 Figure 4.10: Measured performances of the TGA2503; a. gain and output power; b. drain current.

Figure 4 . 11 :

 411 Figure 4.11: HMC965 board and testbed; a. testbed with thermocouple; b. board close-up.

Figure 4 . 13 :

 413 Figure 4.13: Measured performances of the HMC965 power amplifier at 14, 14.25 and 14.5 GHz.

Figure 4 . 15 :

 415 Figure 4.15: HMC965 power amplifier evaluation boards; a. recommended polarization; b. simplified design.

Figure 4 . 16 :

 416 Figure 4.16: Performances of the HMC965 power amplifier measured with the simplified test card (HL); a. comparison with original card (H); b. performance variation with frequency (HL).

Figure 4 .Figure 4 . 18 :

 4418 Figure 4.17: S-parameters of the HMC965 power amplifier using the simplified test card; a. gain; b. matching.

Figure 4 . 19 :

 419 Figure 4.19: Measured and approximated phase shifter characterization.

Figure 4 . 20 :

 420 Figure 4.20: Eight-way beam-forming network; a. circuit; b. transmission coefficients for 0 • phase difference between the outputs.

Figure 4 . 21 :

 421 Figure 4.21: Procedure to validate the beam-forming network operation.

Figure 4 .

 4 22 presents the results.

60 Figure 4 . 22 :

 60422 Figure 4.22: Simulated radiation patterns using the beam-former measurements. Elevation angles are 20 • , 40 • and 60 • respectively.

Figure 4 . 23 :Figure 4 . 24 :

 423424 Figure 4.23: Stack details for the steerable prototype (reduced gain)

Figure 4 . 25 :

 425 Figure 4.25: Steerable antenna measurements; a. cabling and control card; b. measurement in anechoic chamber (courtesy of IETR).

Figure 4 . 26 :Figure 4 . 27 :

 426427 Figure 4.26: Measured input matching when pointing different elevation angles.

  P c = P dc -(P RF Out -P RF In ) P AE(%) = (P RF Out -P RF In )/P dc P c = P dc • (1 -P AE(%)) (4.4)

Figure 4 . 28 :

 428 Figure 4.28: QFN package; a. a view from (4); b. cross-section used to calculate the equivalent model (all dimensions are in mm).

Figure 4 . 29 :

 429 Figure 4.29: Details on the thermal model calculation.

Figure 4 . 30 :

 430 Figure 4.30: Former thermal simulation of a single PA attached to an alluminium block.

Figure 4 . 31 :

 431 Figure 4.31: Modified antenna structure for heat sinking; a. stack cross-section; b. top-view

Figure 4 . 32 :

 432 Figure 4.32: Proposed transition for coupling through a thick ground plane.

Figure 4 . 33 :Figure 4 . 34 :

 433434 Figure 4.33: Implemented transition.

Figure 4 .

 4 Figure 4.36 presents the S-parameters of the optimized transition and the simulated structure.The dimensions of the optimized cavity are 5.87 mm x 2.7 mm. Even if this transition has not yet being fabricated, the performances are expected to be very close to the simulatied ones. This is based on the agreement between the simulated and measured parameters obtained for the proof-of-the-concept transition (air-filled) presented previously in this section.

  Transition à cavité: Intégration de l'effet de colleCavité: rempli avec matériau THP-100DX1 (ε r = 3.6), largeur = 5.87 mm Intégration de deux couches de colle 3M_F9460PC: h= 0.13 mm, ε r = 4.7

Figure 4 . 36 :

 436 Figure 4.36: Simulated transition with dielectric-filled cavity.

Figure 4 .Figure 4 . 38 :

 4438 Figure 4.38: Power combining by means of an n-way power divider and an n-way power combiner.

Figure 4 . 39 :

 439 Figure 4.39: Three-port system and equations with its graph flow representation.

PA 1 PA 2 Figure 4 . 40 :

 12440 Figure 4.40: Graph flow of a two-way divider-combiner with power amplifiers.

Figure 4 . 41 :

 441 Figure 4.41: PA failure impact on the antenna radiation pattern; a. PA 3 and 13 are switchedoff; b. PA 9, 11, 15 and 16 are switched-off. Radiation patterns generated by the IETR in the framework of the AMORCE project.

Figure A. 2

 2 Figure A.2 is an example of the graphs generated during this analysis. It presents the input matching and the power split ratio as functions of the central post shifting l at the central frequency. In this case, the substrate relative permittivity is 3.55, the central frequency 14.25 GHz and the guided wavelength 14.83 mm. These curves were generated for the three SIW T-junctions designed to operate at different central frequencies: 8 GHz, 14.25 GHz and 23 GHz. Then, the curves were normalized by the guided wavelength; Fig. A.4 illustrates how the three of them perfectly fit. Equivalent results were obtained for the curves relating the phase difference between the output signals and the distance l. The same procedure was applied for the low power split ratio case (0 dB ≤ ∆Out ≤ 3 dB).

Figure A. 2 Figure A. 3 :

 23 Figure A.2 Figure A.3: S 11 and power difference between the output ports (∆Out) as function of the central post shifting (l)

  Figure A.6b provides equivalent information to Fig. A.6a for power split ratio within the range 3 dB ≤ ∆Out ≤ 9 dB.

Figure A. 4 Figure A. 5 :

 45 Figure A.4 Figure A.5: Normalization of three set of curves generated to determine the central post shifting for 3 dB ≤ ∆Out ≤ 9 dB

  The phase of the measured output signals are plotted at the top of Fig. A.12. The four signals are phase-balanced, which demonstrates the accuracy of the proposed phase compensation method.
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 7 Figure A.7: Measured S-parameters for X band T-junction with ∆Out = 2 dB.

Figure A. 8 :

 8 Figure A.8: Measured S-parameters for K band T-junction with ∆Out = 6 dB.

Figure A. 9 :

 9 Figure A.9: Unequal power divider 1→ 4 decomposed into three T-junctions
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  En ce qui concerne l'ensemble des circuits RF, il a été constaté que la conception sur mesure des circuits MMIC est le moyen le plus approprié pour obtenir la précision et la reproductibilité du réseau de formation de faisceau. Un tel circuit devrait inclure des fonctionnalités de déphasage,

de compensation des pertes d'insertion (ou des niveaux d'atténuation variable) et un réseau d'auto-calibration. Le principal inconvénient d'une telle conception est le coût initial significatif ; cependant, il est très difficile de se passer de cette alternative en utilisant des composants "sur étagère" qui doivent être compatibles avec les exigences de l'application et de ses contraintes.

Par rapport au sous-système d'amplification de puissance, les technologies évoluent rapidement et de nouveaux produits sont constamment introduits sur le marché. Il y a deux ans, au moment de la sélection de l'amplificateur de puissance, seuls des transistors GaN étaient disponibles en bande Ku; de plus, leur taille était trop grande pour s'adapter à cette application. Actuellement, il y a deux fabricants, TriQuint (RF Micro Devices) et Hittite, qui proposent des amplificateurs de puissance GaN fonctionnant jusqu'à 16 et 20 GHz, respectivement. D'autres fabricants comme Toshiba et Cree proposent des amplificateurs de puissance GaN fonctionnant jusqu'à 9,8 GHz et 11 GHz. La plus grande des dimensions des boîtiers ne dépasse pas 30 mm. Dans le cadre de ce projet, d'autres perspectives ont été envisagées pour les prototypes présentés dans ce document. Ces perspectives visent à modifier la structure de sorte qu'elle puisse être utilisée en bande Ka. Nous avons envisagé une partie rayonnante du type "pillbox" telle que présentée dans

[START_REF] Ettorre | Multi-beam pillbox antennas in the millimeterwave range[END_REF]

. Cette structure peut également être mise en oeuvre en utilisant la technologie PCB sans enjeu de fabrication supplémentaire car elle peut se baser sur des guides SIW. En ce qui concerne le système d'amplification de puissance, une approche quasi-optique, telle que présentée dans la section 1.2.3.3 peut être envisagée. Ces modifications nécessitent un temps considérable pour être développées et peuvent être l'objet d'études à moyen et long terme.

L'application potentielle de ces travaux est intéressante et d'actualité compte tenu des développements récents et en cours dans l'industrie des satellites, tels que HTS (satellites à haut débit) et les divers projets en cours de développement pour les communications par satellite en bande Ka.
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	.1 summarizes the state of the art on the earth station antennas designed for mobile
	satellite communications. The table includes a wide range of realizations, from some proof-
	of-the-concept assemblies, to commercially available models.
	Several of the referenced antennas perform both, transmission and reception functions, which
	explains that the information provided includes the EIRP and G/T values.
	Regarding the radiating elements, most of them are patches with a variety of shapes; however,
	the printed antenna with the highest transmission gain (35 dB) is made up of radiating SIW.
	This is in line with the overview provided in section 1.2.2.2 on patch antennas, in which the
	rather low-efficiency of these elements was noted as their main drawback.
	It can also be observed that several implementations use slant pannels for reducing the range of
	the elevation angles to be covered by the antenna. Nevertheless, this architecture significantly
	increases the antenna height. Only the antennas with DBF present a totally flat profile but they
	are equipped with customized MMIC to perform the beam-steering and power amplification
	functions. (45) (46) (14) (47) (18) (13) (12) (48) (49) (50) (20) (51) (19) (1)
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 11 Summary on earth station antennas for mobile satellite applications.

	Project

Most recent reference Application / constraints Frequency band

  

	Tracking
	(mec: mechanical,
	el: electronic)

Antenna size Aperture overview Feed, BFN RF components EIRP / G/T

  

	JS11-TR,	Tx-Rx, low profile,	Az: mec, 360°	4 dual-band	Separate BFN for tx	
	ESA	ground vehicles.	Elev: el, 20°-70°	elements.	and rx.	
	STREAM (45)	Supported by earth CGC network. S-band: Tx: 1.9-2.01 GHz Rx: 2.1-2.2 GHz	Antenna size: 28 x 22 x 3.5 cm	Circular polar. 4.7 dB < Gain < 6.5 dB, depends on elevation.	Switched-beam network (16 beams). EIRP = 15 dBW G/T>-17.7 dB/K	
	HiSat-30TR	Tx-Rx, low profile,	Az: mec, 360°	Separate apertures	EIRP = 28.5 dBW	
	(46)	vehicles. aircrafts and ground	Antenna size: 40 x Elev: el, 20°-90°	Modular approach. for tx and rx.	G/T > 2 dB/K	
		Ku-band:	70 x 9 cm	Sub-arrays with 8 x		
		Tx: 14-14.5 GHz		16 patches.		
		Rx: 10.7-12.7 GHz		Linear polar.		
				G ~ 25 dB		
	MOSAKA	Tx-Rx, low profile,	Az: mec, 360°	Modular approach.		
	(14)	emergency (moderate data	Elev: el, depends on panel configuration.	Slant leaky-wave panels for tx and rx.		
		rate)	Antenna size: 20 x 6	Circular polar.		
		Ka-band: Tx: 29.9-31 GHz Rx: 19.7-20.5 GHz	x 15 cm	G=22 dB (tx), 19 dB (rx)		
	ESA Hi-Sat	Rx, DVB-S, ground	Az: mec, 360°	Modules of 8 slant	Equi-amplitude	
	(47)	vehicles. Ku-band:	Elev: el, 20°-80° Antenna size (4	sub-arrays with 12 patches each.	feed. Custom MMIC for	
		10.7-12.75 GHz	modules): 70 x 70 x	Linear polar.	phase shift (PS).	
			7 cm			
	SatMax	Tx-Rx for ground	Az: mec, 360°	Shared aperture for	Separate feeds for	Built antenna: half
	(18)	antenna. included in Hi-Sat vehicles. Tx function	module): 38 x 38 x Antenna size (1 Elev: el, 20°-90°	arrays with 16 (8 tx, Modules of 4 sub-tx and rx.	LNA per element. 2 PS per row. A tx and rx.	module, passive.
		Ku-band: Tx: 14-14.5 GHz Rx: 11.7-12.5 GHz	8 cm	8 rx ) patches. Linear polar.	EIRP = 29.5 dBW G/T > 2 dB/K	
	ESA	Rx for ground	Az: mec, 360°	Tile architecture, 9	DBF. Corporate	Built antenna: half
	NATALIA	vehicles,low profile,	Elev: el, 20°-60°	PCB layers, 156	feed (Wilkinson	module, passive.
	(13)	low cost (<1000 €).	Antenna size	patches.	based).	
		Ku-band:	(constraint): d = 20	G (prototype 16	Customized MMIC	
		10.5-12.75 GHz	cm, h = 3 cm	elements) = 20 dB.	(LNA, PS) per patch	
				Linear polar.	with ~ 5.2 dB	
	SAET	Tx-Rx, ground	Az: mec, 360°	Separate apertures	Rotman lenses tx (7	
	Project (III	vehicles.	Elev: el, 15°-55°	for tx and rx. SIW	beams) and rx (16	
	Phases)	Ku-band:	Antenna size: d =	slot waveguides.	beams). RWG feed.	
	(12)	Tx: 13.9-14.2 GHz	110 cm	Linear polar.	EIRP = 42 dBW G/	
		Rx: 11.5-11.8 GHz		G (expected): 32 dB	T = 10 dB/K	
				tx (950 slots), 35 dB	Air cooling.	
				rx (1886 slots)		

Project Most recent reference Application / constraints Frequency band

  

	Tracking
	(mec: mechanical,
	el: electronic)

Antenna size Aperture characteristics Feed, BFN RF components EIRP / G/T

  

					Implementation
	SANTANA	Tx-Rx, aircrafts	Electronic tracking.	Separate apertures	DBF.
	(III Phases) (48)	Ka-band: Tx: 19.7 GHz Rx: 20.2-21.7 GHz	Aperture size (4 modules): Tx: 8 cm x 8 cm	for tx and rx. Modular approach, 16 patches /module.	One LNA per rx patch; one PA per tx patch.
			Rx: 12 cm x 12 cm. Satellite cx requires	Architecture.Tx: Tile, 17 LTCC layers; rx:	Water cooling (tx).
			~100 modules.	brick.	
				Circular polar.	
	(49)	TV rx, flat antenna,	Az: mec, 360°	Sub-arrays made up	Resonant series
		ground vehicles.	Elev: el, 25°-65°	of 2 linear arrays of	sub-array feeds.
		Ku-band:	(expected)	patches.	A commercial PS
		11.8 GHz-12.2 GHz	Antenna size: 26 x	Linear polar.	per sub-array.
			26 cm	23 < G < 26dB	
	(51)	Broadcast rx,	Az: el: ±2.8°,mec:	10 stair rows of 3-4	Corporate feed.
		ground vehicles, tracking sensors reduction, fast BF. Ku-band:	360° Elev: el: ± 20°, mec: 20°-70° ° Antenna size: d =	modules; a module is a 2x8 or 2x16 patches sub-array. 992 elements	One LNA per sub-array; customized PS.
		12.2 GHz-12.7 GHz	52 cm, h= 6 cm	Dual circular polar.	
				G = 31.5 dB	
	(21)	TV rx, low profile,	Az: mec, 360°	12 slant sub-arrays	Separate feed per
		ground vehicles.	Elev: el, 30°-70°	of 24 patches.	polar. Non-uniform
		Ku-band:	Antenna size: 60 x	Dual linear polar.	12:1 combiner.
		10.7 GHz-12.7 GHz	75 x 4 cm	29.5 < G < 30.4 dB	One LNA+PS per sub-array
	(51)	Tx-Rx, MF-CDMA	Az: el: ±4°,mec:	10 slant sub-arrays	Corporate, uniform
		Ku-band: Tx: 11.7 -12.7 GHz	360° Elev: el: ± 8°	of 8 x 4 patches. Dual linear polar.	1:10 power divider. Digital PS, 27 dBm
		Rx: 14 -14.5 GHz		G=21 dB (tx), 29 dB	PA.
				(rx)	EIRP = 32.4 dBW
					G/T = 5 dB/K
	(19)	Tx-Rx, ground	Az: mec, 360°	24 sub-arrays of 8	Digital PS.
		vehicles.	Elev: el, ±10°	patches each.	EIRP = 34dBW
		Ku-band:	Antenna size: 85 x	Dual circular and	G/T = 7 dB/K
		Tx: 11.7 -12.7 GHz	65 x 18 cm	linear (H) polar.	Power consumption
		Rx: 14 -14.5 GHz		G=30.8 dB (tx), 31.3	= 200 W (max).
				dB (rx)	
	(1)	Tx-Rx, ground	Az: mec, 360°	Pillbox reflector.	
		vehicles. Ku-band:	Elev: mec, 30°-70° °	Linear polar.	
		Tx: 10.9 -12.7 GHz	Antenna size: 137.7		
		Rx: 14 -14.5 GHz	x 114.3 x 30.2 cm		
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	1: Carrier signal

Figure 2.5: Spectrum efficiency versus C/N on AWGN channel. Source: EN 302 307

Table 2 .

 2 3: Feasible aperture configurations on the available surface

	Technology	Substrate	r	number of slots per
				guides	guide
	Planar	Rogers 4003	3.55	50	54
	Planar	Rogers 5880	2.2	40	42
	Machined	Air (RWG)	1	27	29
	Machined Air (ridged WG)	1	40	29
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			4: Rogers 4003 specifications	
	Substrate Dielectric constant Loss tangent	Thermal	CTE Z
		r @ 10 GHz	Tan δ	Conductivity (0 to 100 • C)
	RO4003	3.55	0.0027	0.64 W/m/ • K	46 ppm

• C Figure 2.9: Comparison of the array factor for different inter-element distances.
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			5: Radiating element configuration	
	Panel size (mm)	Element distance (mm)	Maximum number of
	length	width	inter-waveguide (λ 0 /2) inter-slot (λ g /2) waveguides	slots
	580	440	10.5	7.4	41	78

Table 2 . 6 :

 26 Slot waveguides feed networks.

	Antenna illustration	System overview	Feed network	Comments /
					Reference
		Center frequency fc:	Center-fed series power	Extremely	high
		22.15 GHz.		divider.	precision	and
		35.9 dBi gain, 75.6%	π junctions-based.	perfect electrical
		efficiency @ fc.	Uniform power division.	contact are re-
		Directivity BW: 600		quired.
		MHz (2.7%).		(68)
		Two-part	structure.	
		Metal casting and	
		printing technologies.	
		Center frequency fc:	1:24 series feed for al-	Alternating-phase
		22.25 GHz.		ternate phase.	feed	dispenses
		33.6 dBi gain, 44% ef-	T junctions-based.	from perfect align-
		ficiency @ fc.	Uniform power division.	ment and electrical
		Directivity BW: 600		contact	between
		MHz (2.7%).		the two parts of
		Metal two-part struc-		the structure.
		ture, groove WG and		(69)
		slot panel.		
		Center frequency fc:	Center-fed series feed	Aperture blockage
		26 GHz.		for alternate phase.	by the feed reduces
		30.5 dBi gain, 44% ef-	Cross-junctions based.	efficiency and in-
		ficiency @ fc.	Non-uniform power dis-	creases SLL.
		Directivity BW: 1 GHz	tribution (SLL control).	(23)
		(3.8%).		
		Metal two-part struc-	
		ture, groove WG and	
		slot panel.		
		Center frequency fc:	1:32 corporate feed.	(70)
		12.45 GHz.		Based on T and π type
		27 dBi gain.		junctions.
		Return loss -10 dB	Uniform power distribu-
		over 500 MHz (4%).	tion.
		Two-layer SIW assem-	
		bly.		
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	7: Antenna configuration summary
	Radiating elements	
	Type of radiator	resonant slot waveguide
	Substrate material	Rogers 4003
	Waveguide width a RW G	8.4 mm
	Waveguide height b	1.5 mm
	Aperture configuration	
	Number of waveguides	32
	Slots per waveguides	64
	Inter-waveguide separation (max) 10.5 mm

  2 , P 3 and P 4 , where P 1 =P 4 and P 2 =P 3 .

	d H		~ 28 λ	d H /2
				d E
	P 1	P 2	P 3	P 4

Table 2 .

 2 the power ratios r 1 , r 2 and r 3 are 15.5, 4.6 and 3.5 dB, respectively.

	8: Rectangular waveguide and microstrip line budget losses
	Rectangular waveguide	
	Dielectric loss	0.0838 dB/cm
	Metal loss	0.0136 dB/cm
	Microstrip line	
	Dielectric loss	0.0515 dB/cm
	Metal loss	0.0287 dB/cm
	Radiation loss	0.1738 dB/cm
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		57
	r 6 = 9.60	r 14 = 2.06
	r 7 = 6.60	r 15 = 1.43
	r 8 = 5.58	

9: Power ratios for a lossless series E feed satisfying the weighting in Fig. 2.20 r 1 = 41.48 r 9 = 4.56 r 2 = 31.84 r 10 = 3.55 r 3 = 24.22 r 11 = 3.29 r 4 = 18.17 r 12 = 2.97 r 5 = 13.39 r 13 = 2.

  2.28, a 16-way corporate feed is illustrated. The different split ratios to satisfy the E-plane weighting are defined in the same figure; such ratios exclusively depend on the required tapering. 1 P 2 P 3 P 4 P 5 P 6 P 7 P 8 P 9 P 10 P 11 P 12 P 13 P 14 P 15P 16 

	r 1	r 2	r 1	r 1	r 3	r 0	r 0	r 3	r 1	r 1	r 2	r 1
			r 4						r 4			
						r 0						

P
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 2 10: Summary on the simulated E-plane feeds

	Feed	Tapering Input	Total	Output	Output	Feasibility
		stability	matching	losses	matching	isolation
	Center-fed microstip	0.1 dB	> -25 dB 0.83 dB > -30 dB > -40 dB Difficult, strong
	series						line discontinuities
	Corporate microstip	0.05 dB	> -35 dB 1.95 dB > -40 dB > -35 dB Simple
	Corporate waveguide 1.26 dB	> -20 dB 0.75 dB > -2 dB	> -4 dB	Simple with SIW
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 3 1: RO4003 measured relative permittivity.

	Calculation method	ε r	ε r	ε r

  .19. 

		P O1
		P O2
		P O3
		P O4
		P O5
		P O6
		P O7
		P O8
	P in	P O9
		P O10
		P O11
		P O12
		P O13
		P O14
		P O15
		P O16

Table 4 .

 4 1: Summary of currently commercially available phase shifters.

	Ref.	f 0 (GHz)	Band	Control Phase step	Phase error	Input power --1dB	OP -1dB (dBm)	S11 (dB)	Insertion loss (dB)	Package
	CHP4511 (UMS)	12	100% (6-18) GHz	Digital (4-bits)	22.5°	+10°	22 dBm	10	-6	6	Die (4.62x3mm)
	HMC642LC5 (Hittite)	10.75	32.5% (9-12.5) GHz	Digital (6-bits)	3.5°	+3.5°	28 dBm		-14	7	SMT (25mm 2 )
	HMC932LP4E (Hittite)	15	40% (12-18) GHz	Analog	-	+10°	26 dBm (max)		-14	4	Die (4.4x3 mm)

Table 4 .

 4 2: Summary of commercially available power amplifiers (Summer 2012).

	Reference f 0 (GHz)	Band	P -1dB (dBm)	P sat (dBm)	Gain (dB)	IP3 (dBm)	V DC (V) I DC (mA) Ef?iciency	Package
	TGA2501--TS (Triquint)	12	100% (6-18) GHz		34.5	24		8	1200	29.3%	Die (4.4x3 mm)
	CHA6517 (UMS) 12	100% (6-18) GHz		32	22		8	600	33%	Die (4.3x3.9 mm)
	TGA2520 (Triquint)	14	28.5% (12-16) GHz		31	33	40	6	850	39.1%	Die (2.5x1.4 x0.1mm)
	HMC950 (Hittite)	14	28.5% (12-16) GHz	36.5	37	28	44.5	7	2400	29.8%	Die (3.23x3.45x0.1mm)
	HMC949 (Hittite)	14	28.5% (12-16) GHz	34.5	35.5	31	42	7	1200	42.2%	Die (2.82x1.5 x0.1mm)
	TGA2503--SM (Triquint)	14.25	24.56% (12.5-16) GHz		32	32	37	6	600	44%	SMC (4x4x0.9 mm)
	TGA2533--SM (Triquint)	14	21.4% (12.5-15.5) GHz	33	34.5	27	43	6	1300	36.1%	SMC (5x5x0.8 mm)
	HMC965LP5E (Hittite)	14	21.4% (12.5-15.5) GHz	32	34	27	40	6	1200	34.8%	SMC (5x5 mm)
	EMM5075VU (Sumitomo)	14	19.2% (12.7-15.4) GHz	33		25	42	6	1200	27.7%	SMC (10.5x8 mm)
	TGA2502 (Triquint)	14	14.28% (13-15) GHz		36	25	44	7	1300	43.7%	Die (2.5x2.7 x0.1mm)
	TGA8659--FL (Triquint)	14	14.28% (13-15) GHz		36	25	41	7	1300	43.7%	SMC (8.4x17.8x3mm)
	TGA2514--FL (Triquint)	14.5	20.7% (13-16) GHz		38	24		8	2600	30.3%	SMC (11.4x17.2x3mm)
	CMQ1432--QH (Mimix)	14.5	13.8% (13.5-15.5) GHz		32	32		7	770	29.4%	SMC (4x4 mm)
	FLM1314--6F (Eudyna)	14.125	5.3% (13.7-14.5) GHz	37.5		5.5		10	1650	22%	SMC (12.7x16.5x3.2mm)

Table 4 .

 4 3: Summary on power amplifiers measurements.

	Board	G max @ 14.25 GHz	P -1dB @ 14.25 GHz	S 11max in band	S 22max in band	I ds @ P --1dB	ΔG max f(f) (dB) ~
		24.65 dB, 24.3 dB (VNA)	29.4 dBm	--9.9 dB @ 14.3 GHz	--8.3 dB @ 14.5 GHz	1526 mA @ 14.5 GHz	2.4 dB (linear zone)
		23.1 dB, 23.5 dB (VNA)	31.4 dBm	--8.3 dB @ 14.06 GHz	--8.1dB @ 14.18 GHz	1549 GHz mA @ 14.25	0.36 dB (linear zone)
		25.35 dB, 25.43 dB (VNA)	31.4 dBm	--10.97 dB @ 14.5 GHz	--12.4 dB @ 14.5 GHz	1633 mA @ 14.5 GHz	0.6 dB (linear zone)
	Manufacturer speciQications (from datasheet)	27 dB	30 --32 dBm	--14 dB @14.5GHz	--11 dB @14 GHz		

Table 4 .

 4 4: Summary on currently commercially available attenuators.

Table 4 .

 4 6: Typical heat sink resistance according to the type of convection.

	Cooling technique	Heat sink resistance ( • C/W)
	Natural convection (air) 0.5 ∼ 5
	Forced convection (air)	0.02 ∼ 0.5
	Liquid cooling	0.005 ∼ 0.15

Table 4 .

 4 7: Examples of industrial solutions for heat transfer. (5) (6)[START_REF]Curamik micro-channels coolers[END_REF] 

	Solid conduction		
	Spreaders, chassis (5) Heat sink base (5) Pin blocks (6)	
	Two--phase heat transfer devices		
	Heat pipes assemblies (5) Loop heat pipe and vapor chambers (5)	
	Liquid cooling	Others	
	Liquid cold plates (5)		
	Pattern copper layers (7)	TEM Peltier (5)	Gestion Thermique.ppt

Table 4 .

 4 

	8: Transition Loss Analysis

Table 4 .

 4 9: Number of paths and loops Ways S 11 Paths S 12 Paths S 21 Paths S 22 Paths Summation of N-order loops

	2	23	12	12	23	(18, 21, 8, 1) = 48
	3	421	255	255	421	(193, 370, 257, 88, 15, 1) = 928
	4	13941	7168	7138	13941	(4324, 10226, 9360, 4583, 1352,
						242, 24, 1) = 30112

  central frequency f is 8 GHz and the substrate used is Rogers 4003 with thickness b=508 µm. The available technology allowed us to easily fabricate 0.6 mm diameter vias; the pitch s between them is 1.2 mm. For this central frequency, an appropriate SIW width is found to be 15.25 mm. The guided wavelength is 26.6 mm.By following the guidelines presented in section A.2.2, the parameters t, h and d C are set to 0.446 mm, 1.064 mm and 1.064 mm, respectively. Using the curves in Fig. A.6a, the distance l and the phase difference between the outputs are found to be 1.207 mm and 22.2 • , respectively. The distance p is then calculated as 0.823 mm. Measurements are presented Table A.2: 1 → 4 Unequal Power Divider Design Parameters. RO4003, ε r = 3.55, b = 508 µm, f = 14.25 GHz, f /f c = 1.5 a = 8.8 mm, d = 0.6 mm, s = 1.2 mm, λ g =14.83 mm

		∆Out=2 dB ∆Out=7 dB	∆Out=5 dB
	t	0.25 mm	0.25 mm	0.25 mm
	h	0.6 mm	0.57 mm	0.57 mm
	d C	0.6 mm	0.285 mm	0.285 mm
	l	0.67 mm	1.37 mm	1.92 mm
	p	0.48 mm	1.13 mm	1.5 mm

Table A .

 A 3: Tee-Junction Bandwidth Limited by the Trasmission Coefficient Variations ∆Out(dB) f (GHz) Transmission Bandwidth under |dB(S 31 -S 21 ) ≤ ∆Out± 10%| Tee-junction input port. The procedure was illustrated by three examples at different frequency bands. One of such implemented examples presents the guidelines for the design of 1 → 2 N unequal power dividers using Tee-junctions as fundamental block. The measured results are in good agreement with the design criteria.

			EM Simulation Measurement
	2	8	7.5 %	9 %
	2	23	7.2 %	9.2 %
	4	8	9.5 %	9.5 %
	4	14.25	7.8 %	10.2 %
	4	23	8.6 %	10 %
	6	8	8.2 %	7.7 %
	6	23	9.2 %	10.3 %

En ce qui concerne la fonction d'amplification de puissance, es performances annoncées par le fabricant on été difficiles à atteindre en raison de la procédure délicate d'intégration des boîtier QFN et à la gestion thermique nécessaire pour maintenir l'amplificateur en dessous des températures recommandées. Néanmoins, les dernières cartes implémentées avec une procédure d'assemblage de composants plus sophistiquée, ont permis d'obtenir des résultats qui sont assez proches des performances attendues.En outre, une solution d'évacuation (gestion thermique) de la chaleur dissipée par les amplificateurs de puissance est également étudiée dans ce chapitre. Il a été constaté qu'un système de gestion thermique très performant était nécessaire pour garantir le fonctionnement approprié d'un prototype actif. Cette étude inclut un modèle électrique équivalent de l'amplificateur de puissance avec son boitier QFN et propose une solution thermique basée sur l'intégration d'une plaque froide à l'empilement de l'antenne. Afin d'intégrer cette plaque dans l'empilement de l'antenne, il a fallu concevoir des transitions RF pour transférer la puissance à partir du réseau d'alimentation vers les guides SIW. Les plans pour fabriquer un prototype d'antenne active à gain réduit (16 voies) ont été finalisés, le prototype était en phase de fabrication lors de l'écriture de ce rapport.Enfin, une procédure automatisée a été proposée pour analyser l'impact de la défaillance d'un ou de plusieurs amplificateurs de puissance sur les performances de l'antenne. Selon la loi de pondération requise pour l'alimentation appropriée des éléments rayonnants, l'impact des défaillances dépend de la puissance relative fournie par l'amplificateur endommagé. Cet outil permet donc d'évaluer l'impact des défaillances sur le diagramme de rayonnement de l'antenne.

chapters.

Figure 3.17: E-plane feed layout

To implement it, a three substrate structure with three different types of via holes, as defined in Fig. 3.57a, is required. In the same figure, the fabrication sequence considered for this implementation is explained step by step.

Subs. 1

Subs. 2

M3

Subs. 1 The first vias to be implemented are those noted as V 1 , for which there are no constraints, since they traverse the whole substrate 3. The first copper bath is done to plate the V 1 holes. Then, the metal layer M3 is printed.

A preg layer is added to substrate 3 to stick the substrate 2. Once they are assembled, the blind and traversing via holes V 2 and V 3 are drilled and plated through a second electrolytic bath. After that, the copper layer M2 is printed. The following steps consist of sticking the substrate 1 to the stack (substrates 2 and 3) and pringing the layers M 1 and M 4 . return loss (dB) return loss (dB) return loss (dB) It is considered to restrict the use of the phase shifter to the states for which the dispersion of the insertion loss is about 1 dB. However, the dynamic range required to cover the whole elevation range makes impossible to use this constraint. The impact on the radiation pattern of the variable insertion loss according to the phase shifter state is evaluated in section 4.4.2.

CHAPTER 3. PASSIVE PROTOTYPES

Similarly, the input matching is also dependent on the phase state, thus, on the voltage control. Figure 4.7c presents the return loss for the control voltage range from 0 to 12 volts with 1volt-step. The worst matching values are obtained for 0, 1 and 5 volts; conditions for which the return loss is above 10 dB at the operating frequency band. These three cases are plotted again in Fig. 4.7d, where they are compared with Hittite data.

The agreement between the measured data and that provided by the manufacturer makes it 4.16a for the central frequency 14.25 GHz. For input power levels under 7 dBm, the gain measured with the simplified card is 2 dB lower than that measured with the card as recommended by the manufacturer. Nevertheless, according to Fig. 4.16b and 4.13, this significant difference was only found at the central frequency (14.25 GHz); furthermore, at 14.5 GHz, the gain measured with the simplified circuit is half a dB higher than the one measured with the initially implemented board.

In Fig. 4.16b, the gain and output power are plotted for the lowest, central and highest frequencies of the operation band, using the simplified bias-control card. The stability over frequency achieved with this card makes this bias control design interesting for the active antenna fabrication.

The small signal measurements of the simplified card are shown in Fig. 4.17. In there, the gain drop due to the input matching degradation observed for the previously measured card (see Fig. 4.14 ) is also found while using this simplified card.

To obtain more information on the origin of this phenomenon, similar measurements were performed on a Hittite evaluation card. The S-parameters measured with the Hittite evaluation board are compared in Fig. 4.18 with those corresponding to the originally designed card.

In Fig. 4.18c a gain drop around 13.5 GHz is observed when the amplifier is measured using the Hittite evaluation board. However, this reduction of gain does not seem to be related to an input matching issue, which can be deduced from Fig. 4.18d.

The limited input and output return losses of the fabricated board is supposed to be related to the significant width of the RF lines compared to the power amplifier pins. Even if a taper was used for the transition, it does not seem to be enough to obtain the matching levels achieved lead frame θ θ equ tion of the initial graph by using the techniques described in [START_REF] Mason | Feedback theory-some properties of signal flow graphs[END_REF]; in particular the elimination of nodes with outcoming and incoming connections (hybrid nodes), the subsequent connection reduction, which inlcudes self-loop elimination and finally leads to a simple graph representing a 2-port network.

The failure analysis procedure previously used was integrated to the new version of the algorithm so as to automatically analyze all the possible failure cases, according to the number of ways. General application and results obtained using this algorithm can be found in [START_REF] Peden | Fast automatic analysis of graceful degradation in power combining structures[END_REF].

The particular case in which recombination after amplification is not carried out, corresponds to the antenna system in which the power is divided, amplified and then distributed to the radiating elements, which are the loads or input impedances seen by the power amplifiers.

The algorithm was run using as input data the S-parameters measured from the 8-way feed in Fig. 3.21. Its symmetry was used to obtain the matrix representing the 17-port network. Regarding the power amplifier characteristics, the measured S-parameters of the HMC965 under normal operation and switched-off were used to simulate the nominal and the out-ofoperation conditions, respectively.

The calculations are done at a single frequency and each combination of K out-of-operation amplifiers is evaluated. Without taking into account the divider symmetries, the total number of combinations is:

The algorithm output is a set of files containing the S-parameters of the 17-port system, one file per failure case. In order to evaluate the impact of the failure on the antenna pattern, this latter should be simulated by using the corresponding file to characterize the E-plane feed.

In order to better illustrate the results of this procedure, Fig. 4. [START_REF] Sanzgiri | A hybrid tile approach for ka band subarray modules[END_REF] shows two examples of perturbed radiation patterns when two and four of the sixteen power amplifiers are switchedoff.

In Fig. 4.41a, the PA 3 and 13 (numbering corresponds to that presented in Fig. Participation in two ANR repports on the AMORCE project: http://www.agence-nationalerecherche.fr

The measurement campaign of the steerable passive prototype took place in summer 2014, as this report was in its final stage; therefore, these results are still to be published. Similarly, the high-gain passive prototype and the reduced-gain active prototype are currently in fabrication process; consequently, the publication of such works is expected for 2015.

Appendix A

Graphical Design Method for Unequal Power Dividers based on Phase-Balanced SIW T-junctions

This appendix presents a detailed procedure to design SIW Tee-junctions with wide-range split-power ratio (from 1:1 to 1:8) and phase-balanced outputs. A set of curves was generated using an EM simulator to graphically determine the required parameters for the desired junction. Since such curves are provided, no further electromagnetic simulation is required when applying the proposed method. Input return loss at central frequency is guaranteed to be better than 18 dB. If an optimization procedure is required, the parameters obtained from this methodology may be used as initial values for such a process. Moreover, design rules are given for implementing 1 → 2 N unequal power dividers with phase-balanced outputs. To demonstrate the accuracy of the proposed graphical method, three implementation examples are provided: two Tee-junctions and a 1 → 4 power divider.

The SIW T-Junction structure used in this paper is inspired by the one presented in (2). This model was also used in [START_REF] Yang | Synthesis of an arbitrary power split ratio divider using substrate integrated waveguides[END_REF] to develop a graphical procedure for T-junctions design with arbitrary power division ratio; however, the maximum ratio achievable with such method is 1:2.8, which is excessively limiting for system designs requiring unequal power division. To provide a solution to this issue, the method here proposed presents several novelties: a) the power division ratio range is significantly wide, it goes from 1:1 to 1:8, b) the range extension of the power division ratio is achieved by introducing a new parameter with respect to [START_REF] Yang | Synthesis of an arbitrary power split ratio divider using substrate integrated waveguides[END_REF], which is the central post diameter, c) in (2), no compensation of the output phase imbalance generated by unequal power division was presented, d) an implementation example illustrates the process to build 1 → 2 N dividers to satisfy an arbitrary power division law by using T-junctions as fundamental block.

A.1 SIW STRUCTURE

A.1.1 T-JUNCTION

The SIW T-Junction model is presented in Fig. A.1a. It is made up of equal size rectangular waveguides, so that only the TE 10 mode is supported. The power split ratio is controlled by the position of a septum and an iris is used to minimize the return loss. The SIW width is denoted by a and is measured between the central points of two opposite side-wall posts. The diameter and spacing between two consecutive posts are denoted by d and s, respectively. Traditionally, in rectangular waveguide Tee-junctions, the central post is used for input matching [START_REF] Hirokawa | An analysis of a waveguide t junction with an inductive post[END_REF]; however, in this case it is used to replace the septum. Hence, the central post diameter d C and its position (l, h) modify the power split ratio.

Similarly, the iris used for insertion loss improvement in ( 2) is constructed by shifting the last posts of the input port by t. Unequal power division leads to phase-unbalanced outputs, which may be compensated by shifting the input port by p from the central line O X , as illustrated in 

A.1.2 MICROSTRIP-SIW TRANSITION

In order to integrate the SIW power dividers with packaged circuits, microstrip lines or coplanar components, appropriate transitions are required. Microstrip to SIW transitions have been the object of a significant number of studies ( 122), [START_REF] Abdolhamidi | Wideband single-layer DC-Decoupled substrate integrated waveguide (SIW) -to -microstrip transition using an interdigital configuration[END_REF], [START_REF] Ding | Substrate integrated waveguide-to-microstrip transition in multilayer substrate[END_REF]. The structure proposed in in Fig. A.7; the bandwidth at 18 dB return losses is 17.8%. The measured power difference between the output signals is 2.14 dB at the design frequency and its variation is lower than ± 0.2 dB (±10% ∆Out) over 9% bandwidth; the phase difference is less than 1.7 degrees over the same bandwidth. The isolation measured between the output ports is roughly -7 dB.

A.3.2 K BAND TEE-JUNCTION WITH ∆Out = 6 DB

The same substrate as in the previous example was used. The central frequency is 23 GHz; the via diameter is 0.305 mm and the pitch s is 0.61 mm. Proceeding as in the previous case, the parameters a, l and p are found to be 5.36 mm, 0.978 mm and 0.785 mm, respectively. The guided wavelength is 9.27 mm.

Measurements are plotted in Fig. A.8. As in the previous example, the minimum return losses are not at the design frequency, which is not surprising since that is not the most important design criterion. Instead, the methodology was designed to achieve the required power split ratio with an input matching level equal to or better than 18 dB. The measured power split ratio is 5.92 dB at the design frequency and its variation is lower than ± 0.6 dB (±10% ∆Out) over 10.3 % bandwidth. Within such bandwidth, the output phase difference is lower than 1 degree.

A.3.3 KU BAND 1 → 4 PHASE BALANCED UNEQUAL POWER DIVIDER

In order to respect particular radiation pattern constraints imposed for satellite communications, a SIW slot antenna array is required to be fed according to the power law in Table A.1. The central frequency is 14.25 GHz with 500 MHz bandwidth (3%). To fulfill the power law, three Tee-junctions with ∆Out equal to 2 dB, 7 dB and 5 dB are designed by using the graphical method proposed in this paper. 

T-shaped resistors

The width of the quarter-wavelength transmission lines required to implement the Wilkinson power dividers used in the E-plane feed are different. In consequence, the discontinuities at the junctions of such lines do not make it possible the integration of squared or rectangular resistors. In 3.2.2.1, it was shown that resistor footprint is rather T-like.

It was proposed by the company in charge of the fabrication (99) to make a preliminary on the implementation of this unusually shaped resistors. The idea was to evaluate the resistor values obtained through this PCB process, using a known material. Such material was the same TCR by Ticer but with a lower resistivity per square: 25 Ω/sq instead of 100 Ω/sq.

It should be noted that this analysis is transposable to the fabrication in which a resistorconductor material (RCM) with resistivity equal to 100 Ω/sq is used. This is explained by the fact that the resistors footprint were not modified; lower resistance values were expected accordingly.

The resistances were designed to be 25 Ω (or 100 Ω with a 100 Ω/sq material) if a squared area was implemented. However, to fit the power divider layout, the corners of such squares were removed; therefore, different resistances values were expected. Given that the size of all the resistors is quite similar, the measured values did not present significant variations. They were all around 16 Ω, which is almost 40% lower than required ( 25 Ω). An equivalent model of these T-shaped resistors was required to properly modify the footprint so as to obtain the required resistance values.

For doing this, it was observed that the measured resistance corresponds exactly to the value resulting when the two resistors making up the T-shape are connected in parallel. This is illustrated and calculated in This resizing was applied to the fabrication with the 100 Ω/sq material presented in section 3.2.2.1. The measured resistance values were around 86 Ω/, which is only 14% lower than expected. This difference is explained by the material and the fabrication procedure tolerances. However, it was shown that the resistances obtained where enough to achieve the expected performances of the E-plane feed.