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A 40-nm CMOS, 1.1-V, 101-dB Dynamic-Range,

1.7-mW Continuous-Time ΣΔ ADC for a Digital

Closed-Loop Class-D Amplifier
Achille Donida, Rémy Cellier, Angelo Nagari, Piero Malcovati, Andrea Baschirotto

Abstract—This paper presents a continuous-time third-order
ΣΔ modulator designed for closing the feedback loop of a digital
class-D audio amplifier. The closed-loop digital class-D amplifier
fully exploits the potential of the used 40-nm CMOS technology
to achieve at the same time the flexibility of digital implemen-
tations and the performance of analog solutions. The proposed
ΣΔ modulator consumes 1.7 mW from a 1.1-V power supply,
achieving 101-dB dynamic-range (DR) and 72-dB peak signal-to-
noise and distortion ratio (SNDR). The active-RC implementation
allows the 1.1-V ΣΔ modulator inputs to be directly connected
to the 5-V class-D amplifier power stage outputs and inherently
guarantees third-order anti-aliasing filtering.

Index Terms—Sigma-delta modulation, Audio systems, Ampli-
fiers, Analog-digital integrated circuits.

I. Introduction

Mixed-signal systems-on-chip (SoC) for digital-input audio

signal processing have to face challenging constraints for inte-

gration in deep sub-micron technologies (down to 40 nm and

beyond). In such nodes low-noise and low-voltage blocks can

be addressed, while medium power circuits such as hand-free

amplifiers encounter severe problems to deliver the required

acoustic output power. Typical specifications of 1 W over 8-Ω

speaker can be achieved with a closed-loop switching class-D

amplifier only using a high-voltage (HV) power stage supply

of about 5 V [1]–[3].

A solution for handling HV signals in submicron technolo-

gies could be to move the class-D amplifier loop-filter into

the digital domain [4], [5]. This optimizes the interfacing with

the digital signal source with respect to analog solutions, that

would require a challenging input D/A converter (DAC) and

an analog loop filter [6]. On the other hand, the high-density

and high-speed logic available in scaled technologies enables

mixed-signal (mainly digital) architectures with smaller area

and power consumption [7].
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Digital class-D amplifiers can be easily implemented with

an open-loop architecture [1], [8], by implementing the pulse-

width modulation (PWM) in the digital domain and diving

directly the power stage with the obtained PWM signal.

Open-loop class-D amplifiers, however, have some practical

drawbacks, which prevent their use in high-performance audio

systems. First of all, the overall gain of the amplifier depends

on the supply voltage of the power stage, which has to be

clean and accurate, since any noise or disturbance on the

power rails is transferred directly to the load, leading to a

degradation of the signal-to-noise ratio (SNR) [9]. Moreover,

all the power stage non-idealities, such as delay mismatch,

dead time, and rise/fall time mismatch, affect the output signal

quality, degrading the total harmonic distortion (THD) [10],

[11]. To overcome these limitations, most class-D amplifiers

are used in a closed-loop configuration, so that the overall

amplifier gain is only determined by the feedback factor and,

therefore, it is constant and well defined, independently of the

power stage supply voltage. Moreover, all the non-idealities

of the power stage are strongly attenuated by the loop gain

[12]. In order to close feedback loop in a digital class-D

amplifier, the analog output signal has to be fed back in the

digital domain, thus requiring an A/D converter (ADC) with

challenging specifications [13].

The paper is organized as follows: Section II describes

the overall architecture of the proposed class-D amplifier,

as well as the most important building blocks implemented

in the digital domain. The architecture and the detailed im-

plementation of the ADC used to close the feedback loop

of the class-D amplifier are then illustrated in Section III

and Section IV, respectively. Finally, Section V reports the

achieved experimental results.

II. Digital Class-D Amplifier Architecture

Fig. 1 illustrates the complete block diagram of the proposed

digital closed-loop class-D amplifier. The forward path, imple-

mented in the digital domain, fully exploits the potential of the

40-nm CMOS node, operating with a 38.4-MHz master clock

frequency ( fMCLK), in order to produce an accurate digital

PWM signal. The digital circuit consists of four main blocks:

an interpolation block with an oversampling ratio (OSR) equal

to 8, which is necessary for the following ΣΔ modulator

(ΣΔM) and to improve the linearity of the PWM [6], a digital

loop filter (corrector), a discrete-time digital ΣΔM, which

reduces the signal word-length for the following digital PWM
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Fig. 1. Block diagram of the digital class-D amplifier

generator, a counter-based differential digital PWM generator.

The feedback loop is closed by feeding the digital corrector

C(z) with an accurate representation of the output signal,

through an ADC. This ADC has challenging performance

requirements. Indeed, the ADC input signal is coming directly

from the output power stage of the class-D amplifier and,

therefore, it is a large swing (5-V) square wave signal. whereas

the ADC voltage supply is 1.1 V. In addition, the ADC

must provide efficient anti-aliasing filtering (AAF) in order

to prevent the PWM spur components from folding back into

audio band. Finally, the ADC delay must be minimum to relax

the loop stability requirements and hence allow the loop to

have a more aggressive transfer function.

Since the ADC is the most important contributor to audio

performance limitations (any error introduced by an element

in the feedback path cannot be corrected), ADC linearity

and noise must fit the overall audio performance, which are

100 dBA of SNR and less than 0.1% of THD.

The class-D amplifier PWM frequency is fixed to 384 kHz,

as a trade-off between power stage efficiency and loop linear-

ity.

A. PWM Generator

In embedded applications, the audio input signal comes

from a digital baseband processor or a digital CODEC (e. g. a

voice processor or an MP3 decoder) and its resolution n ranges

usually from 16 to 24 bits (PCM, I2S format). A straight-

forward solution for implementing a digitally-controlled class-

D amplifier is to modulate this signal directly in a PWM

bitstream Vpulse to drive the power stage of the amplifier. This

solution, called direct uniform PWM (UPWM), is actually

unpractical, because of frequency limitations for the UPWM

carrier and linearity errors.

As shown in Fig. 2, direct UPWM involves the use of

a digital saw-tooth signal, generated by an n-bit counter, as

carrier, in order to create a PWM bitstream from the n-

bit digital input signal sampled at frequency fs. The clock

frequency fpwm required to generate the carrier signal is,

therefore, given by

fpwm = 2n fs. (1)

1/fpwm  

1/fs 

2
n

  L
e
v
e
ls

Vin(n) 

t 

Fig. 2. UPWM frequency limitation
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Vpulse(t) 

Fig. 3. Timing error in digital UPWM due to the sampled input signal

Considering n equal to 24 bits and fs at least equal to 48 kHz,

fpwm turns out to be as large as 805 GHz. Obviously, such a

value of frequency is unreachable in standard CMOS technolo-

gies. In addition, due to the sampled nature of the input audio

signal, the UPWM process introduces an error when compared

to the ideal analog natural PWM (NPWM). In Fig. 3, the error

due to the sampled input signal is illustrated in three cases:

with a continuous-time (analog) input signal Vin(t) and with

two sampled versions of Vin(t), namely Vin1(t) = Vin(iTs) and

Vin3(t) = Vin(iTs/3), Ts = 1/ fs being the sampling period. Each

of these signals is compared with a carrier Vr(t), in order to

generate the modulated output signal Vpulse(t), Vpulse1(t), and

Vpulse3(t), respectively. In this example, the carrier signal is

assumed continuous-time, but in reality it is also a sampled

signal and, therefore, the resulting error is actually worse. As

NPWM is a linear process, the timing error due to sampling

makes the UPWM process inherently non-linear. The higher is

the sampling frequency of the audio signal, the less important

is the error. In other words, NPWM is equivalent to UPWM

with infinite sampling frequency. Therefore, to improve the

linearity of the UPWM, the digital audio signal Vin can be

oversampled by a defined OSR. However, according to (1), this

further increases the clock frequency requirement for carrier

generation, unless at the same time a significant reduction of

n is implemented.
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Fig. 4. Architecture of the fourth-order MASH 2-2 digital ΣΔM

These drawbacks of direct UPWM can be overcome by us-

ing ΣΔ modulation before the UPWM. Indeed, ΣΔ modulation

provides oversampling of the digital signal, thus increasing

the UPWM linearity, as well as a reduction of the signal

resolution from 24 bits to m bits (generally m is chosen

between 4 and 8), thus leading to acceptable values of fpwm.

Obviously, a suitable ΣΔM architecture has to be chosen in

order to guarantee that, with the target values of OSR and

m, the signal-to-noise ratio (SNR) of the original audio input

signal is maintained by shaping the quantization error with

a noise transfer function (NTF) which sufficiently attenuates

the in-band components. Indeed, the choice of OSR, output

resolution m, order k and structure (e. g. CIFF, CIFB, MASH)

of the ΣΔM depends on the required NTF. Trade-offs between

performance and complexity, considering stability issues and

global power consumption, have to be found.

B. Digital ΣΔ Modulator

The ΣΔM used in front of the UPWM in the proposed

class-D amplifier is based on a digital fourth-order MASH

2-2 architecture, with OSR = 8 and m = 6, as shown in

Fig. 4. The MASH 2-2 structure features only second order

loops, thus relaxing the stability issues inherent in a single-

loop fourth-order ΣΔM. Moreover, the implemented solution

uses only power of two multiplications and pure delays, which

make the hardware implementation easier. The value of OSR

is limited to have a moderate switching frequency (384 kHz),

thus maintaining high power efficiency in the power stage [14].

The output signal Y(z) of this zero latency ΣΔM is given

by

Y(z) = X(z) + E2(z)
(

1 − z−1
)4
, (2)

where X(z) and E2(z) are z-domain representations of the input

signal and of the second-stage truncation error, respectively.

The quantization noise E2 is shaped by a fourth-order high

pass filter, whereas the quantization noise E1 (i. e. the trunca-

tion error of the first stage of the MASH structure) is removed.

The simulated spectrum of Y(z) is shown in Fig. 5. With

theses parameters, the required frequency value of fpwm for

the UPWM is then reduced to

fpwm = 2m fsOSR = 24.576 MHz. (3)
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Fig. 5. Output spectrum of the fourth-order MASH 2-2 digital ΣΔM
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Fig. 6. Block diagram of the interpolator

C. Interpolator

The interpolator, required at the input of the forward path of

the digital class-D amplifier to increase the sampling frequency

from fs = 48 kHz to fsOSR = 384 kHz, is a two-stage structure

based on a piece-wise linear function, as shown in Fig. 6. The

frequency response of this structure features a sinc2 shape

with an in-band ripple too large to meet audio specification

(±0.1 dB). To fix this issue, a pre-filter is added before the

interpolator to compensate for the ripple. The pre-filter is a

simple biquadratic FIR digital filter with 9 coefficients, as

shown in Fig. 7.

Fig. 8 shows the simulated and measured interpolator fre-

quency responses with the in-band ripple correction.

f 

x8 

sinc2 Biquadratic Filter 
(FIR – 9 Coefficients) 

384 kHz 48 kHz 48 kHz 

f
Z

f
P
 

Fig. 7. Block diagram and frequency response of the FIR digital pre-filter
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D. Digital Corrector

The loop filter characteristics are derived from Bode plot

analysis of the control-loop transfer function and depend on

where the feedback is tapped. As shown in Fig. 1, in the

proposed digital class-D amplifier, the feedback is taken at the

output of the power stage, thus removing the cost of an extra

pin. If the feedback is taken after the output low-pass filter,

extra phase shift has to be taken in account in the stability

analysis of the whole loop.

For this particular application, a lag compensator [15] of

the form,

CCT (s) = K0

(

1 +
2π fI

s

)

, (4)

is sufficient to verify system performance. This kind of com-

pensator is used to increase the loop gain such that the output

is better regulated at low frequency (i. e. below fI). It is often

called proportional-integral (PI) corrector. For frequencies

below fI , C(s) act as a pure integrator.

Increasing the low-frequency loop gain leads to better im-

munity to the disturbances on the power-bridge supply voltage

in the audio band, but at the expense of worse loop stability.

The optimal values of K0 and fI are, therefore, the result of a

trade-off between performance and stability. For the proposed

class-D amplifier, we chose K0 = 8 and fI = 20 kHz.

Pole zero matching [16] transform C(s) into C(z) for digital

implementation. The resulting digital coefficients values obvi-

ously depend on the sampling rate ( fc). Applying pole-zero
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TABLE I
ADC specifications

Parameter Value

SNR > 100 dB
THD < 0.1%
Output word-length 5 bits
Sampling frequency ( fADC) 3.072 MHz
OSR 64
Signal bandwidth ( fb) 24 kHz
AAF Third-order, low-pass
Delay (latency) < 1 μs
Input voltage range 5 V
Power supply voltage 1.1 V
Power consumption < 2 mW
Technology 40-nm CMOS

matching to C(s) with fc = 384 kHz leads to

CDT (z) =
8 − 4.46z−1

1 − z−1
. (5)

Fig. ?? shows the Bode diagrams of the continuous-time CCT

and discrete-time CDT correctors. In the audio band, both

behave as pure integrators. With this corrector, the theoretical

PSRR is around −25 dB at 20 kHz and −65 dB at 217 Hz,

which match standard PSRR requirements.

III. A/D Converter Architecture

The most important specifications of the ADC required

to close the feedback loop of the proposed digital class-

D amplifier are summarized in Tab. I. In view of these

specifications, the best candidate for implementing the SDC is

a continuous-time (CT) ΣΔM. Indeed, CT ΣΔMs allow large

SNR to be achieved with lower power consumption and lower

latency than any other ADC topology, while providing inherent

AAF.

A kth-order CT ΣΔM with m-bit quantizer theoretically

achieves a SNR given by

SNR =
22m3 (2k + 1) OSR2k+1

2π2k
. (6)

With OSR = 64 and m = 5, in order to achieve the required

SNR > 100 dB, the order k of the ΣΔM has to be at least 3.

A third-order CT ΣΔM can be implemented using differ-

ent architectures. All of them are derived from two basic
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Fig. 10. Third-order CT ΣΔM implemented with the CIFB architecture (a),
with the CIFF architecture (b), and with the adopted architecture (c)

structures: the cascade of integrator with feedback (CIFB)

structure, shown in Fig. 10a, and the cascade of integrators

with feedforward (CIFF) structure, shown in Fig. 10b. With

the CIFB approach, stability is guaranteed by feedback paths

from the modulator output to the input of each integrator

(coefficients ai in Fig. 10a), whereas with the CIFF approach

stability is obtained by means of feedforward paths from

the output of each integrator to the input of the quantizer

(coefficients ai in Fig. 10b). While from the NTF point of

view CIFB and CIFF architectures are totally equivalent, they

are different in the implementation. Indeed, CIFB structures

require two additional DACs to implement the feedback paths,

while CIFF structures require an additional adder at the input

of the quantizer to combine the different feedforward paths.

In both approaches, additional feedforward paths from the

modulator input to the input of each integrator (coefficients

b2 and b3) can be introduced to optimize the output voltage

swing of the integrator output signals, at the expense of the

filtering action of the signal transfer function (STF). Indeed,

with b2 , 0 and b3 , 0, and in general in the presence of

feedforward paths (e. g. in CIFF structures), the STF tends to

be unitary, actually canceling the inherent AAF feature of CT

ΣΔMs. Therefore, as a trade-off between AAF action and ΣΔM

latency, we adopted a CIFB architecture without feedforward

paths (b2 = b3 = 0), featuring all the NTF zeros in the origin

(g1 = 0), as shown in Fig. 10c.

The ΣΔM coefficients, determined using the DelSig toolbox

[17] and the Euler transformation

1

z − 1
→

fADC

s
, (7)

are summarized in Tab. II. The input and output spectra of the

ΣΔM achieved in simulation with a PWM output signal, as

TABLE II
Coefficients of the CT ΣΔM

Coefficient Value

a1 0.044
a2 0.287
a3 0.8
b1 0.044
c1 1
c2 1
c3 1
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Fig. 11. Simulated input and output spectra of the CT ΣΔM with a PWM
output signal and obtained STF

well as the obtained STF, are illustrated in Fig. 11. The ΣΔM

achieves third-order noise shaping, as expected, and, thanks

to the low-pass behavior of the STF (cut-off frequency around

150 kHz), attenuates the PWM spur components present in

the input signal by more than 35 dB.

IV. A/D Converter Implementation

The schematic of the proposed CT ΣΔM is shown in Fig. 12.

Active-RC implementation is used for performance robustness

and to allow direct connection of the ΣΔM input to the
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HV power bridge output. Indeed, since with the active-RC

topology the ΣΔM input signals (Vin+, Vin−) are only connected

to resistors (R1), which can withstand voltages larger than the

power supply, they can be directly tied to the 5-V power bridge

outputs, without requiring any additional circuit, even if the

ΣΔM is realized with 1.1-V devices.

The first integrator resistors and capacitors have been sized

to satisfy the thermal noise requirements, taking into account

the signal attenuation by a factor of 12 required to accom-

modate the 5-V power bridge output swing within the 400-

mV ΣΔM input range. In particular, the first stage has been

sized with R1 = 163 kΩ and C1 = 81 pF. The resistors

and capacitors of the second and third integrators have been

scaled to optimize area, power consumption, and output swing:

R2 = 160 kΩ, C2 = 13 pF, R3 = 25 kΩ, and C3 = 6.5 pF.

A. D/A Converters

The first integrator feedback DAC is the most critical block

in a CT ΣΔM, since its linearity affects the linearity of the

entire circuit and any noise components injected by the DAC

cannot be distinguished from the input signal, thus degrading

the SNR. Moreover, a typical problem in CT ΣΔMs is the

jitter sensitivity. Indeed, generally, the feedback DAC pulses

remain constant over the whole clock period, and, therefore,

their integral varies linearly with the integration time, which

is modulated by the clock jitter. This leads to an error which

affects both the SNR and the THD. The effect of the clock jitter

strongly depends on the DAC implementation, thus requiring

a careful choice of the best topology to use.

The current steering DAC, is most common solution adopted

in CT ΣΔMs. In this circuit, a set of current mirrors are

connected to the switches controlled by the quantizer output,

thus adding or subtracting a given amount of current from the

integrator summing node [18]. This solution is quite simple,

since it does not require any reference voltage, but it is very

sensitive to clock jitter. This problem can be partially alleviated

using the return-to-zero (RZ) code (i. e. the current goes back

to zero at the end of each sampling period), which makes the

error due to clock jitter at least independent of the input signal.

However the major drawback of this solution is the switch

charge injection which depends on the size of the switches and

leads in any case to distortion. Another solution to implement

the DAC is to use resistive feedback branches [19]. This

solution is expensive in terms of power consumption, since the

resistors should have small size to reduce the thermal noise

(4kTR) and the parasitic capacitance, which causes excess

delay in the feedback loop.

Considering the drawbacks of current steering and resistive

DACs, the solution adopted in the proposed CT ΣΔM is the

switched-capacitor-resistive (SCR) topology, shown in Fig. 12

and, in more detail, in Fig. 13 [20]. The circuit operates with

two non-overlapping clock phases (φ1 and φ2). During each

clock cycle, capacitors Cri, j (i = 1 · · · 3, j = 1 · · · 31) store

a precise amount of charge (Q = Cri, jV , V being equal to

Vref+ − VCM or Vref− − VCM , depending on the value of bit

B j). The capacitors are then discharged into the integrator

summing node through a resistor Rri, j (i = 1 · · · 3, j = 1 · · · 31),
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Fig. 13. Schematic of a single cell of the SCR DAC

which defines an exponentially decaying current pulse, with

time constant τi = Rri, jCri, j, according to

I =
V

Rri, j

e−t/τi . (8)

The main advantage of this structure is the insensitivity to

clock jitter. Indeed, if the time constant τi is sufficiently

smaller than the sampling period (TADC = 1/ fADC), the current

injected in the integrator summing node goes inherently to

zero before the end of each cycle and, therefore, the amount

of charge transferred is well controlled and constant (given by

Q), independently of clock jitter. Obviously, the on-resistance

Ron of switches M1-M2 and M7-M8 must be negligible with

respect to Rri, j (Ron ≪ Rri, j), so that the value of τi is well

defined. To limit the charge injection, dummy switches (M9-

M10) have been used.

Being the quantizer resolution 5 bits, 31 DAC levels are

required, which are obtained with 31 identical SCR branches.

To ensure a constant capacitive load, independently of the

input signal level, 31 capacitors are always connected to

both Vref+ and Vref− in the fully-differential structure. This

is achieved by properly encoding the output signal of the

quantizer in order to always connect the capacitors to the

reference voltages in complementary mode.

The feedback branch of the first integrator is the dominant

jitter error source in the CT ΣΔM and, therefore, τi should be

sized accurately. On the other hand, the feedback branches of

the other integrators can be sized less aggressively, because the

jitter error is shaped. An analytical calculation of the resulting

input-referred in-band jitter noise [20] for the first integrator

feedback path leads to

V2
n,J =

∆2σ2
t e−TADC/τ

T 2
ADC

OSR
, (9)

where σ2
t is the variance of the clock period and ∆ is the

DAC step amplitude. Furthermore, the capacitor size used in

the DAC cannot be arbitrary, but depends on the input-referred

6



V
cm

V
cm

M
9

M
1

M
19

M
2

M
3

M
5

M
8

M
6

M
7

M
4

M
12

M
10

R
m

C
m

C
m

R
m

R
m

R
m

M
13

M
16

M
17

M
18

M
14

M
15

M
11

V
out+

V
in+

V
in–

V
out–V

AB,n

V
AB,nV

AB,p

V
AB,p

V
AB,p

V
B,p

V
B

V
B

Fig. 14. Schematic of the operational amplifier used in the first integrator

noise contribution tolerated to meet the SNR requirement,

which for the first integrator is given by

V2
n,C =

2kT

31Cr1, jOSR
, (10)

where k is the Boltzmann constant and T the absolute temper-

ature. Using (9) and (10) the values of τi have been chosen

as τ1 = 7.5TADC, τ2 = 1.5TADC, and τ3 = 3TADC, leading to

Rr1, j = 20 kΩ, Cr1, j = 600 fF, Rr2, j = 30 kΩ, Cr2, j = 55 fF,

Rr3, j = 25 kΩ, and Cr3, j = 153 fF.

B. Integrators

The SCR DAC introduces more stringent settling require-

ments in the integrator than a resistive or current steering DAC.

Indeed, to follow correctly the feedback pulse, the integrator

bandwidth and slew-rate have to be larger than in conven-

tional solutions. However, they can still be smaller then in a

switched-capacitor ΣΔM, since the rising and falling times of

the DAC pulses are limited by τi. Moreover, the first integrator

determines the overall noise and linearity of the modulator and,

hence, low flicker noise and high linearity are also required.

Therefore, in order to minimize the power consumption, a two-

stage unfolded class-AB operational amplifier is used in the

first integrator. This operational amplifier, whose schematic

is shown in Fig. 14, achieves better power efficiency than

a folded-cascode or two-stage, class-A topology, requiring a

lower quiescent current for the same performance [21]. Two

important parameters of the push-pull, rail-to-rail output stage

of this operational amplifier, formed by M9-M10 and M12-

M11, are the output voltage range and the maximum output

current that can be supplied to the load. Indeed, the integrator

output swing required in the CT ΣΔM without feedforward

paths is pretty large. Therefore, in order to allow proper

operation, the maximum differential input voltage has been

fixed to 400 mV (−8 dBFS) and the aspect ratio of the output

transistors has been chosen as large as possible to achieve

rail-to-rail output swing. The virtual battery inserted between

M9-M10 and M12-M11 ensures the proper biasing (quiescent

current), while the available output current is determined by

the aspect ratio of M9-M10 and M5-M8. In the used class-

AB topology each gain stage requires a separate common-

mode feedback (CMFB) circuit, which is realized with a

conventional CT structure. Miller-compensation (Rm and Cm)

is used to guarantee stability. The simulated Bode diagram
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Fig. 15. Simulated Bode diagram of the operational amplifier used in the first
integrator

TABLE III
Simulated performance of the operational amplifiers

Parameter
Integrator

First Second Third

GBW [MHz] 50 80 80
DC Gain [dB] 66 50 50
Phase Margin [◦] 50 58 58
Current [μA] 800 170 170

of the amplifier is reported in Fig. 15. The achieved gain-

bandwidth product (GBW) is 50 MHz with 50◦ phase margin.

The performance required for the operational amplifiers

used in the second and third integrators are more relaxed

and can be easily obtained with a conventional two-stage

operational amplifier. Moreover, the noise introduced by these

amplifiers is attenuated by the first integrator gain. The per-

formance obtained for the different operational amplifiers are

summarized in Tab. III.

C. Quantizer

The quantizer in a ΣΔM is not a very critical circuit block in

terms of noise and distortion, because of the large gain of the

preceding integrators. Therefore, a flash ADC is the natural

choice, since it allows the A/D conversion to be performed in

just one clock period. The implemented flash ADC, shown in

Fig. 16, features 32 levels, realized with 31 comparators that

compare the input signal with a reference voltage ladder.

The reference voltages (Vref ,0 · · ·Vref ,30) are realized through

a resistive divider connected to a dedicate power supply. The

31 voltage levels are centered around the common mode

voltage (VCM = 550 mV) and cover the required signal swing

with 20-mV steps. The unit resistance of the divider has been

fixed to 1 kΩ to reduce the quiescent current consumption

(24 μA). With the used technology, this resistance value

guarantees a mismatch ∆R/R < 1.8%.

The schematic of the comparator used is shown in Fig. 17.

The circuit consists of two stages. The first stage, a continuous-

time fully differential pre-amplifier, performs the difference
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between the input signals and compares it with the difference

between the threshold voltages, according to

Vo− = A
[(

Vref+ − Vin+

)

−

(

Vref− − Vin−

)]

, (11)

Vo+ = A
[(

Vref− − Vin−

)

−

(

Vref+ − Vin+

)]

, (12)

where A is the DC-gain of the pre-amplifier. The output

common-mode voltage of the pre-amplifier is controlled by a

CMFB based on MOS transistors working in the triode region

(M9, M10, M11, and M12). The amplified difference between

the input signals and the threshold voltages (Vo+ − Vo−) is

then passed to the latch stage, which, on the positive edge of

the clock, determines the digital output signals (Q+ and Q−).

The continuous-time pre-amplifier reduces the comparator

kick-back on the third integrator output and guarantees a

constant input capacitance. The total current consumption of

the comparator is equal to 10 μA.

D. Dynamic Element Matching (DEM)

To improve the matching of the feedback DAC capacitors,

a dynamic element matching (DEM) technique is used [22]

for the first integrator. DEM techniques are based on cyclic

exchanges of reference elements in the DAC. As a result, the

mismatch among the elements is averaged out, thus avoiding

signal distortion.

The main problem in the implementation of DEM tech-

niques in CT ΣΔMs is the excess loop delay eventually

introduced by the DEM, which may lead to instability. For

ADC

Pow er

Stage

Fig. 18. Micrograph of the test chip including the CT ΣΔM and the HV
(5-V) power stage

this reason, we implemented a simple data weighted aver-

aging (DWA) algorithm, that only requires one logical step

to achieve the randomization of the elements. Basically, as

shown in Fig. 16, the thermometric code produced by the

quantizer (Q0 · · ·Q30) is transformed into a binary code D. As

a consequence, in the DAC, for one branch of the differential

structure D elements are connected to Vref+, while 31 − D

elements are connected to Vref−, and viceversa for the other. A

pointer stores the position of the last used DAC element (D0),

so that the next D required elements are selected starting from

D0. The value of D0 is then updated to D0 + D.

This solution ensures that the DEM introduces just a small

fixed time delay. Indeed, the total time required to generate

the DAC control bits from the comparator input is just over

half clock period, which ensures the stability of the CT ΣΔM.

V. Experimental Results

The critical part of the digital class-D amplifier, that in-

cludes the CT ΣΔM and the HV (5-V) power stage, has been

integrated with a 40-nm CMOS technology. Fig. 18 shows the

test chip micrograph. The CT ΣΔM area is 0.66 mm2, while

the power bridge occupies 0.33 mm2.

The CT ΣΔM operates from a 1.1-V power supply and

consumes 1.6 mA, achieving 101-dB DR and 72-dB peak

SNDR, as shown in Fig. 19. The SNDR degradation for input

signals above −40 dBFS is due to an increase of the noise-floor,

while above −20 dBFS distortion becomes dominant, as shown

in the spectra reported in Fig. 20. The noise floor increase

for large signals is due to cross-coupling between the digital

output and the DAC reference voltages, since the reference

buffers have been undersized to save power (and increase the

class-D amplifier efficiency). This noise floor increase has little

effect on the class-D amplifier performance, considering the

requirements illustrated in Fig. 19 (for large signals more noise

is tolerated since it is not perceived on the loudspeakers).

Tab. IV summarizes the achieved performance.
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TABLE IV
Performance summary of the CT ΣΔM

Parameter Value

Technology 40-nm CMOS

CT ΣΔM area 0.66 mm2

Power stage area 0.33 mm2

CT ΣΔM supply voltage 1.1 V
Power stage supply voltage 5 V
CT ΣΔM power consumption 1.7 mW
CT ΣΔM full-scale signal 0.4 V
CT ΣΔM bandwidth 24 kHz
CT ΣΔM DR 101 dB
CT ΣΔM peak SNDR 72 dB
CT ΣΔM AAF Third order
CT ΣΔM AAF cut-off frequency 150 kHz

VI. Conclusions

In this paper we introduced a closed-loop digital class-D

amplifier for portable audio application, focusing, in particular,

on the CT third-order ΣΔM used to close the feedback

loop. The proposed ΣΔM, implemented in a 40-nm CMOS

technology, occupies 0.66 mm2 and achieves 101 dB of DR

and 72 dB of peak SNDR, consuming 1.7 mW from a 1.1-

V power supply. Thanks to the active-RC implementation the

1.1-V ΣΔM inputs can be directly connected to the 5-V class-

D amplifier power stage outputs. The inherent third-order AAF

of the ΣΔM attenuates by at least 35 dB the PWM spur

components present in the class-D amplifier output voltage.
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